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摘要
对于功率等级为150W（或更低）的单输出或多输出DC-DC转换器而言，反激式功率级是一种普遍的选择。由于它不像降压型

拓扑结构（比如：正激式或推挽式转换器）那样需要使用输出电感器，因此缩减了元件数目和成本。本应用笔记将评述反激式

转换器的功率级和控制电子线路的设计程序。在这些隔离型转换器中，来自次级侧的误差信号仍需穿越隔离边界以实现稳压。

通过在次级侧上使用具低失调误差放大器的UC3965精密基准（以驱动一个光耦合器）、并在初级侧上采用UCC3809经济型初

级侧控制器，实现了一款简单和低成本的50W隔离型电源。

引言
本应用笔记所评述的反激式转换器专为与电信行业中所使用

的电压范围相对接而设计。这款5V、50W电源的主要目标是

造就一种能够在保持低成本的同时满足所有规格要求的高效

设计方案。该目标是通过在初级侧上使用UCC3809（以提供

固定频率电流模式控制）、并在次级侧上采用UC3965的误差

放大器和精密基准来实现的。这些8引脚集成电路均只需极少

的外部元件，从而实现了一种经济而有效的设计。其原理图

示于图1中，而材料清单列表于第16页。
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Figure 1. Schematic diagram of the –48V to +5V flyback converter.

UDG-98125-1

图1：-48V至+5V反激式转换器的原理示意图
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POWER SUPPLY SPECIFICATIONS

Input Voltage
Range:

–72VDC to –32VDC
(–48VDC nominal)

Output Voltage: +5VDC
Load: 0A to 10A
Regulation: ±2% Over Load, Line, and

Temperature
Isolation: 1500VRMS

DESIGNING THE POWER STAGE

Flyback Topology
There are many standard power converter topolo-
gies available to choose from, each with its advan-
tages and disadvantages [1]. After careful
consideration, taking into account factors such as
low power, simplicity, isolation, input and output rip-
ple currents, and low cost, the flyback configuration
was chosen. The basic flyback converter topology
is shown in Figure 2.

Control Method
Voltage mode control was past over in favor of cur-
rent mode control because current mode control
responds immediately to line voltage changes and
provides inherent over current protection for the
switching device. Traditional peak current mode
control compares the amplified output voltage error
with the primary inductor current signal. Using the
UCC3809 pulse width modulator (PWM) as the
controller, the amplified output voltage error and
the primary inductor current ramp are summed and
compared to a 1V threshold. The inner current con-
trol loop contains a small current sense resistor
which senses the primary inductor current. The re-
sistor transforms this current waveform into a volt-

age signal that is fed directly into the primary side
PWM comparator. This inner loop determines the
response to input voltage changes. The outer volt-
age control loop involves comparing a portion of
the output voltage to a reference voltage at the in-
put of the secondary side error amplifier. This di-
vided down output voltage drives the inverting
input to the error amplifier in the UC3965 which
then drives an internal inverting output buffer. The
resulting output then drives an optocoupler. The
optocoupler output is also fed directly into the pri-
mary side PWM comparator. As the output voltage
increases above the desired level, the optocoupler
is driven harder on, forcing the PWM comparator to
shut off the gate drive to the switching element.
This outer loop determines the response to load
changes.

Peak current mode control requires simpler com-
pensation, has pulse-by-pulse current limiting, and
has better load current regulation. Because the
secondary currents are already quite large, contin-
uous conduction mode (CCM) was chosen. Pri-
mary and secondary RMS currents can be up to
two times higher for discontinuous mode than for
CCM. Discontinuous conduction mode would re-
quire using a transistor with a higher current rating.
Because the output ripple current is less than it
would be if discontinuous mode were used, the
output capacitors are smaller.

Continuous conduction mode has the disadvan-
tage of requiring a higher magnetizing inductance
to stay in CCM throughout the entire operating
range and a right-half-plane zero in its transfer
function. Feedback loop stabilization will be dis-
cussed in a later section.

Maximum Duty Cycle and Turns Ratio
Now that the topology (flyback) and control method
(peak current mode control) have been decided
upon, the next decision to be made is what the
maximum duty cycle, Dmax, should be. The duty
cycle is the ratio of on-time of Q1, Figure 2, to total
period, or D = ton/ T. In a CCM flyback converter
the maximum duty cycle will determine the turns
ratio of the transformer and impact the maximum
voltage stress on the switching element. For this
design, a maximum duty cycle of 45% was se-
lected. Limiting the duty cycle increases the num-
ber of controller ICs to chose from because many
available today have maximum duty cycle limita-
tions of 50%.

COUT VOUT
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IP

VIN D

S

Q1G

D1

-

-

+ +

Figure 2. Flyback converter circuit
configuration.
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电源规格参数

设计功率级

反激式拓扑结构

可供选择的标准功率转换器拓扑结构有很多种，它们各有其

优缺点[1]。在对诸如低功率、简单性、隔离度、输入和输出

纹波电流以及低成本等因素做了谨慎的通盘考虑之后，选择

了反激式结构。图2示出了基本的反激式转换器拓扑结构。

图2：反激式转换器电路结构

控制方法

电压模式控制已被电流模式控制所超越，这是因为电流模式

控制能够对线路输入电压变化立即做出响应，并为开关器

件提供了固有的过流保护。传统的峰值电流模式控制将经过

放大的输出电压误差与初级电感器电流信号进行比较。把

UCC3809脉宽调制器 (PWM) 用作控制器，经放大的输出电

压误差与初级电感器电流斜坡相加，并与一个1V门限进行比

较。内部电流控制环路包含一个小的电流检测电阻器，用于

检测初级电感器电流。该电阻器将此电流波形变换为一个电

压信号并直接馈送至初级侧PWM比较器中。内部环路用于

确定针对输入电压变化的响应。外部电压控制环路负责将输

出电压的一部分与一个位于次级侧误差放大器输入端上的基

准电压进行比较。这个经过分压的输出电压用于驱动

UC3965中的误差放大器的反相输入，然后驱动一个内部反

相输出缓冲器。由此产生的输出接着驱动一个光耦合器。

光耦合器输出也被直接馈入初级侧PWM比较器。当输出电

压上升至高于期望电平时，将以更大的强度继续驱动光耦

合器，从而迫使PWM比较器关断至开关元件的栅极驱动电

压。该外部环路确定了对于负载变化的响应。

峰值电流模式控制所需要的补偿比较简单，并拥有逐个脉冲

电流限制功能和更好的负载电流调节性能。由于次级侧电流

已经相当大，因此选择了连续导通模式 (CCM)。不连续模

式的初级和次级RMS电流有可能高达CCM的2倍。不连续导

通模式将需要采用一个具较高额定电流的晶体管。由于输出

纹波电流比采用不连续导通模式时要小，因此输出电容器较

小。

连续导通模式的缺点是：需要一个较高的磁化电感（以在整

个工作范围内处于CCM）和一个右半平面零点（在其转移

函数中）。反馈环路稳定化处理将在稍后的章节中讨论。

最大占空比和匝数比

既然已经决定了拓扑结构（反激式）和控制方法（峰值电流

模式控制），下一个要做出的决定就是最大占空比Dmax应

该为多少。占空比是Q1（图2）的接通时间与总周期之比，

即：D = ton / T。在CCM反激式转换器中，最大占空比将决

定变压器的匝数比，并影响到开关元件上所承受的最大电压

应力。对于本设计而言，选择的是45%的最大占空比。如果

对占空比加以限制，那么可供选择的控制器IC就要多一些，

因为目前市面上的许多同类IC都具有50%的最大占空比限值。
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The DC transfer function of a CCM flyback con-
verter is:

V V
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(1)

where VO equals the output voltage, 5V,

VD = forward voltage drop across rectifier D1, as-
sumed to be 0.8V,

VIN = 32 to 72V, VIN(min) = 32V,

VRds(on) = on voltage drop across MOSFET Q1,
equal to Rds(on) x I(primary), assumed to be 1V,

N = turns ratio, equal to NP/NS,

NS = number of transformer secondary turns,

NP = number of transformer primary turns,

D = duty cycle.

Maximum duty cycle, 0.45, occurs at minimum in-
put voltage. Substituting these values into (1) gives
us a turns ratio of 4.66. The turns ratio is inversely
proportional to the peak primary current, IPEAK, but
directly proportional to the voltage stress on the
switching element. So the peak currents will not
become unreasonably high and the voltage stress
on the MOSFET will be kept as low as possible,
the turns ratio is rounded up only to the next inte-
ger value, 5, or simply five primary turns for every
one secondary turn. Recalculating equation (1) re-
sults in an actual Dmax of 48%.

Switching Frequency
Because the magnetic components and filters will
be smaller, the tendency is to have as high a
switching frequency as possible. Unfortunately, the
decision is not quite that clear cut. Core losses,
gate charge currents, and switching losses in-
crease with higher switching frequencies; peak cur-
rents increase with lower switching frequencies. A
compromise must be reached between component
size, current levels, and acceptable losses. Syn-
chronization with other systems and backward
compatibility may also be deciding factors. For this
design, a fixed frequency (fsw) of 70kHz was cho-
sen. At Dmax equal to 48%, ton(max) becomes
6.9µs.

Transformer Design [2]
The transformer in a flyback converter is actually a
coupled inductor with multiple windings. Trans-

formers provide coupling and isolation whereas
inductors provide energy storage. The energy
stored in the air gap of the inductor is equal to:

( )
E

L IP PEAK=
× 2

2

(2)

where E is in Joules, LP is the primary inductance
in Henries, and IPEAK is the peak primary current in
Amperes. When the switch is on, D1 (from Figure
2) is reverse biased due to the dot configuration of
the transformer. No current flows in the secondary
windings and the current in the primary winding
ramps up at a rate of:

∆

∆

I

t

V V

L

L IN Rds

P
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(min) (– on) (3)

where VIN(min) and VRds(on) were defined previously
and ∆t is equal to ton(max) at VIN(min). The output
capacitor, COUT, supplies all of the load current at
this time. Because the converter is operating in the
continuous conduction mode, ∆IL is the change in
the inductor current which appears as a positive
slope ramp on a step. The step is present because
there is still current left in the secondary windings
when the primary turns on. When the switch turns
off, current flows through the secondary winding
and D1 as a negative ramp on a step, replenishing
COUT and supplying current directly to the load.

Based on (3), the primary inductance can be calcu-
lated given an acceptable current ripple, IL. For
this design, IL was set to equal one-half the peak
primary current. For a CCM flyback design, the
peak primary current is calculated based upon (4).
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By replacing IL with ½(IPEAK), IOUT(max) with 10A,
Dmax with 0.48, and N with 5 as detailed earlier,
the peak primary current is calculated to be 5.16A
and IL calculates to 2.58A. The root mean square,
RMS, current of a ramp on a step waveform is de-
fined in (5) and calculates to be 2.74A for this ap-
plication.
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CCM反激式转换器的DC转移函数为：

式中，VO等于输出电压 (5V)，

VD = 整流器D1两端的正向压降，假设为0.8V，

VIN = 32V至72V，VIN(min) = 32V，

VRds(on) = MOSFET Q1两端的导通压降，等于RDS(on)×

I(primary)，假设为1V，

N = 匝数比，等于NP / NS，

NS = 变压器次级匝数，

NP = 变压器初级匝数，

D = 占空比。

在最小输入电压条件下，最大占空比为0.45。将这些数值

代入 (1) 式，得出的匝数比为4.66。匝数比与峰值初级电流

IPEAK成反比，但与开关元件上的电压应力成正比。所以，

峰值电流将不会变得过大，而且MOSFET上的电压应力将被

保持于应可能低的水平，匝数比仅四舍五入至下一个整数值

5，简单地说就是：每一匝次级绕组对应于五匝初级绕组。

重新计算 (1) 式，得到一个48%的实际Dmax。

开关频率

人们倾向于采用尽可能高的开关频率，因为这样一来磁性元

件和滤波器将会比较小。不幸的是，这一判断并不是那么得

清晰明确。磁芯损耗、栅极电荷电流和开关损耗将随着开关

频率的提高而增加；峰值电流则随着开关频率的下降而增

大。必须在元件尺寸、电流水平和可接受的损耗之间寻求某

种折衷。另外，与其他系统的同步和返回兼容性也可能是决

定性因素。对于本设计来说，选择的是一个70kHz的固定频

率 (fsw)。在Dmax = 48%时，ton(max) 变为6.9μs。

变压器设计 [2]

反激式转换器中的变压器实际上是具有多个绕组的耦合电感

器。变压器提供耦合和隔离，而电感器则提供能量存储。存

储于电感器空气隙中的能量等于：

式中，E的单位为焦耳，LP为初级电感（单位：亨利），而

IPEAK为峰值初级电流（单位：安培）。当开关导通时，由于

变压器的点配置的原因，D1（图2）被施加了反向偏置。在

次级绕组中没有电流，初级绕组中的电流以一个由下式给出

的斜率持续上升：

式中的VIN(min)和VRds(on)事先确定，而Δt在VIN(min)条件下等于

ton(max)。此时，输出电容器COUT负责提供所有的负载电流。

由于转换器工作于连续导通模式，因此ΔIL是电感器电流的

变化，在发生阶跃时表现为一个正斜率斜坡。当初级接通

时，由于仍有电流遗留在次级绕组中，因此存在阶跃。当开

关关断时，电流流过次级绕组和D1（在发生阶跃时表现为

一个负斜率斜坡），从而对COUT进行再充电并直接向负载供

应电流。

根据 (3) 式，如果已知一个可接受的电流纹波ΔIL，则可计

算初级电感。 对于本设计，ΔIL被设定为峰值初级电流的

1/2。对于CCM反激式设计，峰值初级电流根据 (4) 式来计

算。

按照前文详述的那样，用1/2(IPEAK) 替代ΔIL，用10A替换

IOUT(max)，用0.48代替Dmax，并用5来替换N，可计算出峰

值初级电流为5.16A，ΔIL为2.58A。阶跃波形上的斜坡的

均方根 (RMS) 电流由 (5) 式确定，对于本应用其计算值为

2.74A。
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where VIN(min) and VRds(on) were defined previously
and ∆t is equal to ton(max) at VIN(min). The output
capacitor, COUT, supplies all of the load current at
this time. Because the converter is operating in the
continuous conduction mode, ∆IL is the change in
the inductor current which appears as a positive
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there is still current left in the secondary windings
when the primary turns on. When the switch turns
off, current flows through the secondary winding
and D1 as a negative ramp on a step, replenishing
COUT and supplying current directly to the load.

Based on (3), the primary inductance can be calcu-
lated given an acceptable current ripple, IL. For
this design, IL was set to equal one-half the peak
primary current. For a CCM flyback design, the
peak primary current is calculated based upon (4).
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By replacing IL with ½(IPEAK), IOUT(max) with 10A,
Dmax with 0.48, and N with 5 as detailed earlier,
the peak primary current is calculated to be 5.16A
and IL calculates to 2.58A. The root mean square,
RMS, current of a ramp on a step waveform is de-
fined in (5) and calculates to be 2.74A for this ap-
plication.
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The DC transfer function of a CCM flyback con-
verter is:
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where VO equals the output voltage, 5V,

VD = forward voltage drop across rectifier D1, as-
sumed to be 0.8V,

VIN = 32 to 72V, VIN(min) = 32V,

VRds(on) = on voltage drop across MOSFET Q1,
equal to Rds(on) x I(primary), assumed to be 1V,

N = turns ratio, equal to NP/NS,

NS = number of transformer secondary turns,

NP = number of transformer primary turns,

D = duty cycle.

Maximum duty cycle, 0.45, occurs at minimum in-
put voltage. Substituting these values into (1) gives
us a turns ratio of 4.66. The turns ratio is inversely
proportional to the peak primary current, IPEAK, but
directly proportional to the voltage stress on the
switching element. So the peak currents will not
become unreasonably high and the voltage stress
on the MOSFET will be kept as low as possible,
the turns ratio is rounded up only to the next inte-
ger value, 5, or simply five primary turns for every
one secondary turn. Recalculating equation (1) re-
sults in an actual Dmax of 48%.

Switching Frequency
Because the magnetic components and filters will
be smaller, the tendency is to have as high a
switching frequency as possible. Unfortunately, the
decision is not quite that clear cut. Core losses,
gate charge currents, and switching losses in-
crease with higher switching frequencies; peak cur-
rents increase with lower switching frequencies. A
compromise must be reached between component
size, current levels, and acceptable losses. Syn-
chronization with other systems and backward
compatibility may also be deciding factors. For this
design, a fixed frequency (fsw) of 70kHz was cho-
sen. At Dmax equal to 48%, ton(max) becomes
6.9µs.

Transformer Design [2]
The transformer in a flyback converter is actually a
coupled inductor with multiple windings. Trans-

formers provide coupling and isolation whereas
inductors provide energy storage. The energy
stored in the air gap of the inductor is equal to:
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where E is in Joules, LP is the primary inductance
in Henries, and IPEAK is the peak primary current in
Amperes. When the switch is on, D1 (from Figure
2) is reverse biased due to the dot configuration of
the transformer. No current flows in the secondary
windings and the current in the primary winding
ramps up at a rate of:
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Based on (3), the primary inductance can be calcu-
lated given an acceptable current ripple, IL. For
this design, IL was set to equal one-half the peak
primary current. For a CCM flyback design, the
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U-165APPLICATION NOTE

Using (3), LP calculates to approximately 80µH.
Due to cost considerations and a switching fre-
quency of 70kHz, the core material was chosen to
be manganese zinc ferrite 3C85 from Philips. Be-
cause the inductor (a.k.a. the flyback transformer)
is driven in one quadrant of the B-H plane only, a
larger core is required in a flyback design. Because
this converter is operating in the continuous con-
duction mode at a relatively low frequency, the
maximum peak flux density, Bmax, is limited by the
saturation flux density, Bsat. Taking all this into con-
sideration, the minimum core size is determined by
(6).

AP
L I I

k B
P PEAK rms=

× × ×
× ×
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where AP = the core area product in cm4,

k = winding factor, equal to 0.2 for a continuous
mode flyback,

Bmax ≈ Bsat, or 0.33 Telsa for 3C85 material at
100 C.

The result of (6) is compared to the product of the
winding area, Aw (cm2), and effective core area,
Ae (cm2), listed in the core manufacturer’s data
sheet. For this design, a Philips EFD30 core met
the minimum criteria.

The minimum number of primary turns is deter-
mined by:

N
L I

B AeP
P PEAK=

× ×
×

104
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Based upon this result and the predetermined
turns ratio, the number of secondary turns is estab-
lished. With a turns ratio of 5 and NP equal to 20,
NS is calculated to be 4.

The energy stored in the flyback transformer is ac-
tually stored in an air gap in the core.This is be-
cause the high permeability of the ferrite material
can’t store much energy without saturating first. By
adding an air gap, the hysteresis curve of the mag-
netic material is actually tilted, requiring a much
higher field strength to saturate the core. The size
of the air gap is calculated using (8).

( )
gap o r N Ae

L
P

P
=

× × × ×µ µ 2 210– (8)

In (8), the gap is measured in centimeters, µo is the
permeability of free space equal to 4 10-7 H/m,
and µr is equal to the relative permeability of the
gap material (in this case the gap material is air, µr
=1). This gap is calculated to be 0.043cm and is
evenly distributed between the center post and two
outer legs of the EFD30 core.

The primary windings are two strands of 21AWG
magnet wire in parallel, the first layer wound clos-
est to the core, the second layer over the second-
ary windings. The secondary windings consist of
four strands of 18AWG magnet wire in parallel, fill-
ing a single layer for maximum coupling.

Using a primary inductance of 80µH and a maxi-
mum duty cycle of 48% means the converter will
not stay in continuous mode control over the entire
operating range because of the relationship ex-
pressed in (9).
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According to (9), at the 32V minimum input voltage
the converter will enter discontinuous mode at an
output load current of less than 3.33A. To remain in
CCM would require a much larger transformer,
264.5µH at 48% duty cycle. Increasing the primary
inductor value requires a much larger core, such as
the E41/17/2 core set from Philips. This would re-
quire 60% more circuit board space than the pres-
ent core.

Another approach to guarantee remaining in con-
tinuous mode is to reduce the maximum duty cycle
to approximately 26% and continue to use an 80µH
flyback inductor.Unfortunately, the result of this
would be considerably higher peak currents. Higher
peak currents result in an increase of all the I2R
losses, and a larger core would be needed anyway
to satisfy the core area product limit which is de-
pendent upon the peak primary current as ex-
pressed in (6).

利用 (3) 式计算而得的LP约为80μH。考虑到成本因素和

70kHz的开关频率，磁芯材料选择了由Philips公司提供的锰

锌铁氧体3C85。由于仅在B-H平面的一个象限中驱动电感器

（亦称为反激式变压器），故而在反激式设计中需要一个较

大的磁芯。因为该转换器以一个相对较低的频率工作于连续

导通模式，所以最大峰值磁通密度Bmax受限于饱和磁通密度

Bsat。在全面考虑上述各种因素的情况下，由 (6) 式来准确地

计算出最小磁芯尺寸。

式中，AP = 磁芯面积乘积（单位：cm4），

k = 绕组因数，对于连续模式反激式结构它等于0.2，

Bmax    Bsat，即0.33特斯拉（对于3C85材料，在100℃时）。

将 (6) 式的计算结果与制造商产品数据表中列出的绕组面积

Aw (cm2) 和有效磁芯面积Ae (cm2) 的乘积进行比较。对于本

设计，Philips EFD30磁芯可满足最低标准。

最小初级匝数由下式决定：

根据该计算结果以及预定的匝数比，即可确定次级匝数。当

匝数比为5而NP等于20时，NS的计算值为4。

存储于反激式变压器中的能量实际上存储在磁芯的空气隙

中。这是因为铁氧体材料的高磁导率注定了它没能存储大量

的能量就先发生饱和了。通过增加一个空气隙，实际上将使

磁性材料的迟滞曲线产生倾斜，从而需要高得多的磁场强度

来使磁芯饱和。空气隙的尺寸采用 (8) 式来计算。
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where AP = the core area product in cm4,

k = winding factor, equal to 0.2 for a continuous
mode flyback,

Bmax ≈ Bsat, or 0.33 Telsa for 3C85 material at
100 C.

The result of (6) is compared to the product of the
winding area, Aw (cm2), and effective core area,
Ae (cm2), listed in the core manufacturer’s data
sheet. For this design, a Philips EFD30 core met
the minimum criteria.
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Based upon this result and the predetermined
turns ratio, the number of secondary turns is estab-
lished. With a turns ratio of 5 and NP equal to 20,
NS is calculated to be 4.

The energy stored in the flyback transformer is ac-
tually stored in an air gap in the core.This is be-
cause the high permeability of the ferrite material
can’t store much energy without saturating first. By
adding an air gap, the hysteresis curve of the mag-
netic material is actually tilted, requiring a much
higher field strength to saturate the core. The size
of the air gap is calculated using (8).
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In (8), the gap is measured in centimeters, µo is the
permeability of free space equal to 4 10-7 H/m,
and µr is equal to the relative permeability of the
gap material (in this case the gap material is air, µr
=1). This gap is calculated to be 0.043cm and is
evenly distributed between the center post and two
outer legs of the EFD30 core.

The primary windings are two strands of 21AWG
magnet wire in parallel, the first layer wound clos-
est to the core, the second layer over the second-
ary windings. The secondary windings consist of
four strands of 18AWG magnet wire in parallel, fill-
ing a single layer for maximum coupling.

Using a primary inductance of 80µH and a maxi-
mum duty cycle of 48% means the converter will
not stay in continuous mode control over the entire
operating range because of the relationship ex-
pressed in (9).
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According to (9), at the 32V minimum input voltage
the converter will enter discontinuous mode at an
output load current of less than 3.33A. To remain in
CCM would require a much larger transformer,
264.5µH at 48% duty cycle. Increasing the primary
inductor value requires a much larger core, such as
the E41/17/2 core set from Philips. This would re-
quire 60% more circuit board space than the pres-
ent core.

Another approach to guarantee remaining in con-
tinuous mode is to reduce the maximum duty cycle
to approximately 26% and continue to use an 80µH
flyback inductor.Unfortunately, the result of this
would be considerably higher peak currents. Higher
peak currents result in an increase of all the I2R
losses, and a larger core would be needed anyway
to satisfy the core area product limit which is de-
pendent upon the peak primary current as ex-
pressed in (6).

在 (8) 式中，空气隙是以厘米为单位来度量的，μO 是自由

空间的磁导率（等于4π•10-7 H/m），μr是填隙材料的相对

磁导率（在本场合中，填隙材料是空气，故μr等于1）。该

空气隙尺寸的计算值为0.043cm，并且均匀地分布在EFD30

磁芯的中心柱和两个侧柱之间。

初级绕组是两股并联的21AWG磁导线，第一层最靠近磁芯卷

绕，第二层则缠绕在次级绕组之上。次级绕组由4股并联的

18AWG磁导线组成，并填充一层以实现最大耦合。

当采用80μH的初级电感和48%的最大占空比时，意味着转

换器将不会在整个工作范围内都处于连续模式控制，这是由

于 (9) 式所表示的关系所致。

根据 (9) 式，在32V的最小输入电压条件下，转换器将进入不

连续模式（输出负载电流小于3.33A）。如欲保持在CCM，

将需要一个大得多的变压器（在48%的占空比条件下为

264.5μH）。增加初级电感值需要一个大得多的磁芯，比

如：由Philips公司提供的E41/17/2磁芯组。与目前的磁芯相

比，这将需要多占用60%的电路板空间。

保证处于连续模式的另一种方法是把最大占空比减小至26%

左右，并继续使用80μH的反激式电感器。不幸的是，这样

做的结果将是峰值电流的大幅度攀升。峰值电流的升高将导

致所有I2R损失的增加，而且至少需要使用一个较大的磁芯以

满足磁芯面积乘积限值，该限值取决于峰值初级电流，如 (6) 

式所示。

5

U-165APPLICATION NOTE

Using (3), LP calculates to approximately 80µH.
Due to cost considerations and a switching fre-
quency of 70kHz, the core material was chosen to
be manganese zinc ferrite 3C85 from Philips. Be-
cause the inductor (a.k.a. the flyback transformer)
is driven in one quadrant of the B-H plane only, a
larger core is required in a flyback design. Because
this converter is operating in the continuous con-
duction mode at a relatively low frequency, the
maximum peak flux density, Bmax, is limited by the
saturation flux density, Bsat. Taking all this into con-
sideration, the minimum core size is determined by
(6).

AP
L I I

k B
P PEAK rms=

× × ×
× ×











10

420

4 1 31

max

. (6)

where AP = the core area product in cm4,

k = winding factor, equal to 0.2 for a continuous
mode flyback,

Bmax ≈ Bsat, or 0.33 Telsa for 3C85 material at
100 C.

The result of (6) is compared to the product of the
winding area, Aw (cm2), and effective core area,
Ae (cm2), listed in the core manufacturer’s data
sheet. For this design, a Philips EFD30 core met
the minimum criteria.

The minimum number of primary turns is deter-
mined by:
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Based upon this result and the predetermined
turns ratio, the number of secondary turns is estab-
lished. With a turns ratio of 5 and NP equal to 20,
NS is calculated to be 4.

The energy stored in the flyback transformer is ac-
tually stored in an air gap in the core.This is be-
cause the high permeability of the ferrite material
can’t store much energy without saturating first. By
adding an air gap, the hysteresis curve of the mag-
netic material is actually tilted, requiring a much
higher field strength to saturate the core. The size
of the air gap is calculated using (8).

( )
gap o r N Ae

L
P

P
=

× × × ×µ µ 2 210– (8)

In (8), the gap is measured in centimeters, µo is the
permeability of free space equal to 4 10-7 H/m,
and µr is equal to the relative permeability of the
gap material (in this case the gap material is air, µr
=1). This gap is calculated to be 0.043cm and is
evenly distributed between the center post and two
outer legs of the EFD30 core.

The primary windings are two strands of 21AWG
magnet wire in parallel, the first layer wound clos-
est to the core, the second layer over the second-
ary windings. The secondary windings consist of
four strands of 18AWG magnet wire in parallel, fill-
ing a single layer for maximum coupling.

Using a primary inductance of 80µH and a maxi-
mum duty cycle of 48% means the converter will
not stay in continuous mode control over the entire
operating range because of the relationship ex-
pressed in (9).
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According to (9), at the 32V minimum input voltage
the converter will enter discontinuous mode at an
output load current of less than 3.33A. To remain in
CCM would require a much larger transformer,
264.5µH at 48% duty cycle. Increasing the primary
inductor value requires a much larger core, such as
the E41/17/2 core set from Philips. This would re-
quire 60% more circuit board space than the pres-
ent core.

Another approach to guarantee remaining in con-
tinuous mode is to reduce the maximum duty cycle
to approximately 26% and continue to use an 80µH
flyback inductor.Unfortunately, the result of this
would be considerably higher peak currents. Higher
peak currents result in an increase of all the I2R
losses, and a larger core would be needed anyway
to satisfy the core area product limit which is de-
pendent upon the peak primary current as ex-
pressed in (6).
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According to (9), at the 32V minimum input voltage
the converter will enter discontinuous mode at an
output load current of less than 3.33A. To remain in
CCM would require a much larger transformer,
264.5µH at 48% duty cycle. Increasing the primary
inductor value requires a much larger core, such as
the E41/17/2 core set from Philips. This would re-
quire 60% more circuit board space than the pres-
ent core.

Another approach to guarantee remaining in con-
tinuous mode is to reduce the maximum duty cycle
to approximately 26% and continue to use an 80µH
flyback inductor.Unfortunately, the result of this
would be considerably higher peak currents. Higher
peak currents result in an increase of all the I2R
losses, and a larger core would be needed anyway
to satisfy the core area product limit which is de-
pendent upon the peak primary current as ex-
pressed in (6).
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针对连续模式进行设计并转换至不连续模式的做法要比采取

相反的方式好得多。不连续模式在零负载时实际上是无法避

免的。连续模式反馈控制环路拥有在不连续模式中保持稳定

性的能力。然而，针对不连续操作而设计的控制环路并未

考虑已经让人颇感困惑的、存在于连续模式中的右半平面零

点。这种设计具有一种意外的优点，就是能够为用户提供这

两种操作模式在不同输入电压和负载电流条件下的波形（见

图16和17）。

MOSFET的选择

反激式转换器中的开关元件必须具有一个足够高的额定电

压，以处理最大输入电压和次级反射电压（更不用说那些不

可避免地存在的所有由漏电感诱发的尖峰）。采用 (10) 式可

近似计算所需的MOSFET额定电压。

式中，Vds = 所要求的MOSFET额定漏源电压，

VL = 由于变压器的漏电感所引起的电压尖峰，估计为VIN(max)

的30%，

而数值为1.3的附加因子包括了一个30%的总裕量。

对于所给出的反激式转换器，所需的MOSFET最小额定电压

的计算值为160V。选择了一个IRF640 N沟道功率MOSFET。

该器件具有200V的额定电压、18A的额定连续DC电流和仅

0.18Ω的Rds(on)。通过查阅制造商的产品数据表里提供的“典

型栅极电荷与栅源电压波形的关系曲线”，就能够计算驱动

FET的栅极电容器所需的平均电流：

Qmax是总栅极电荷（单位：库仑），根据15V的栅源电压和

160V的漏源电压来估算，Qmax为70nC。按照 (11) 式，控制

器的平均电源电流IVDD必需增加4.9mA，以便以选定的开关

频率对栅极进行开关操作。

该FET将遭受开关损耗和传导损耗。传导损耗将等于I2R损

耗，如 (12) 式所示。
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It is far better to design for continuous mode and to
transition into discontinuous mode than the other
way around. Discontinuous mode is actually un-
avoidable at zero load. A continuous mode feed-
back control loop has the ability to maintain
stability while in discontinuous mode. However, a
control loop designed for discontinuous operation
does not take into account the already eluded to
right-half-plane zero present in continuous mode.
This design has the fortuitous advantage of show-
ing the user waveforms for both operating modes
dependent upon input voltage and load current
(see Figures 16 and 17).

MOSFET Selection
The switching element in a flyback converter must
have a voltage rating high enough to handle the
maximum input voltage and the reflected second-
ary voltage, not to mention any leakage inductance
induced spike that is inevitably present. Approxi-
mate the required voltage rating of the MOSFET
using (10).

( )( ) ( )
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ds
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S
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 × +







×max .1 3

(10)

where Vds = the required drain to source voltage
rating of the MOSFET,

VL = the voltage spike due to the leakage induc-
tance of the transformer, estimated to be thirty per-
cent of VIN(max),

and the additional 1.3 factor includes an overall
thirty percent margin.

For the flyback converter presented, the required
minimum voltage rating of the MOSFET calculates
to be 160V. An IRF640 N-channel power MOSFET
was chosen. This device has a voltage rating of
200V, a continuous DC current rating of 18A, and
an Rds(on) of only 0.18Ω. By consulting the typical
gate charge vs. gate-to-source voltage waveform in
the manufacturer’s data book, calculating the aver-
age current required to drive the gate capacitor of
the FET is possible:

I Q fgate sw= ×max (11)

Qmax is the total gate charge in Coulombs, esti-
mated to be 70nC based upon a gate to source
voltage of 15V and a drain to source voltage of
160V. According to (11), the average supply current
of the controller, IVDD, needs to increase by 4.9mA
to switch the gate at the selected operating fre-
quency.

This FET will experience both switching and con-
duction losses. The conduction losses will be equal
to the I2R losses, as shown by (12).

( ) ( )P I Rcond rms ds on= ×2 (12)

Switching losses are the result of overlapping drain
current and drain to source voltage at turn on and
turn off [3]. At turn on the drain current begins to
flow through the FET device when the gate voltage
has reached the Vgs threshold. This drain current
will continue to rise until reaching its final value.
Meanwhile, the drain to source voltage will remain
at Vds, calculated earlier in (10). This voltage
starts to fall only after the “Miller” capacitor begins
to charge. The charging time, tch, for the “Miller” ca-
pacitor is a function of the gate resistor, Rg (R10 in
Figure 1), and the gate to drain “Miller” charge,
Qgd, as shown in (13).

( )
t

Q R

VDD Vch
gd g

gs th
=

×
–

(13)

In (13), VDD is the bias voltage of the UCC3809
and Vgs(th) is the gate threshold voltage of the FET.
The whole process repeats itself in reverse at turn
off. The power dissipation of the FET’s output ca-
pacitance, Coss, also contributes to the switching
losses in the form of ½CV2f. The total switching
losses are estimated based on equation (14).

( )
P

C V f
V I t fSW

oss ds sw
ds PEAK ch sw=

× ×
+ × × ×

2

2

(14)

The total FET losses are the sum of the conduction
losses (12) and the switching losses (14), calcu-
lated to be 3.3W for the IRF640 FET. Without ap-
propriate heatsinking, this device would have a
junction to ambient thermal resistance of 62 C/W,
resulting in a junction temperature rise of 206 C
above ambient. Heat sinking is obviously required
to prevent the junction temperature, Tj, from ex-
ceeding 150 C and avert device failure due to ex-
cessive heating. The IRF640 has a junction to case
thermal resistance, jc, of 1 C/W, using a silicone
elastomer heat sink pad provides a case to heat
sink thermal resistance, θ A heat
sink which provides a maximum thermal resis-
tance, sa, of 35 C/W must be chosen for a use in
an ambient temperature, Ta, of 25 C, as shown in
(15a) and (15b).

( ) ( )T P P

T
j cond sw jc cs sa

a

= + × + +

+

Θ Θ Θ (15a)
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The total FET losses are the sum of the conduction
losses (12) and the switching losses (14), calcu-
lated to be 3.3W for the IRF640 FET. Without ap-
propriate heatsinking, this device would have a
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resulting in a junction temperature rise of 206 C
above ambient. Heat sinking is obviously required
to prevent the junction temperature, Tj, from ex-
ceeding 150 C and avert device failure due to ex-
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thermal resistance, jc, of 1 C/W, using a silicone
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开关损耗是接通和关断时漏极电流与漏源电压交叉重叠的结

果 [3]。在接通时，漏极电流将在栅极电压达到Vgs门限时开

始流过FET器件。该漏极电流将继续上升，直至达到其终值

为止。与此同时，漏源电压将保持在Vds［在前面的 (10) 式中

计算］。该电压仅在“Miller（米勒）”电容器开始充电之后

才开始下降。“Miller”电容器的充电时间tch是栅极电阻器

Rg（图1中的R10）和栅漏“Miller”电荷Qgd的函数，如 (13) 

式所示。

在 (13) 式中，VDD是UCC3809的偏置电压，Vgs是FET的栅

极门限电压。在关断时，上述整个过程将反过来自我重复。

FET的输出电容 Coss 的功耗也是导致开关损耗的一个因素

（其形式为1/2CV2f）。总开关损耗依据 (14) 式来估算。

总FET损耗为传导损耗［(12) 式］与开关损耗［(14) 式］之

和，就IRF640 FET而言，其计算值为3.3W。如果未采取适

当的散热措施，则该器件将具有一个62℃/W的结点至环境

热阻，从而导致结温上升206℃（在环境温度以上）。为了

防止结温Tj超过150℃，并避免器件由于过热而发生故障，散

热措施显然是必需的。IRF640具有1℃/W的结点至外壳热阻

θjc，采用一个有机硅橡胶散热衬垫提供了1.26℃/W的外壳

至散热器热阻θcs。当需要在25℃的环境温度 (Ta) 条件下使

用时，必须选择一个具有35℃/W的最大热阻θsa的散热器，

如 (15a) 和 (15b) 式所示。
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This FET will experience both switching and con-
duction losses. The conduction losses will be equal
to the I2R losses, as shown by (12).

( ) ( )P I Rcond rms ds on= ×2 (12)

Switching losses are the result of overlapping drain
current and drain to source voltage at turn on and
turn off [3]. At turn on the drain current begins to
flow through the FET device when the gate voltage
has reached the Vgs threshold. This drain current
will continue to rise until reaching its final value.
Meanwhile, the drain to source voltage will remain
at Vds, calculated earlier in (10). This voltage
starts to fall only after the “Miller” capacitor begins
to charge. The charging time, tch, for the “Miller” ca-
pacitor is a function of the gate resistor, Rg (R10 in
Figure 1), and the gate to drain “Miller” charge,
Qgd, as shown in (13).
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In (13), VDD is the bias voltage of the UCC3809
and Vgs(th) is the gate threshold voltage of the FET.
The whole process repeats itself in reverse at turn
off. The power dissipation of the FET’s output ca-
pacitance, Coss, also contributes to the switching
losses in the form of ½CV2f. The total switching
losses are estimated based on equation (14).
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The total FET losses are the sum of the conduction
losses (12) and the switching losses (14), calcu-
lated to be 3.3W for the IRF640 FET. Without ap-
propriate heatsinking, this device would have a
junction to ambient thermal resistance of 62 C/W,
resulting in a junction temperature rise of 206 C
above ambient. Heat sinking is obviously required
to prevent the junction temperature, Tj, from ex-
ceeding 150 C and avert device failure due to ex-
cessive heating. The IRF640 has a junction to case
thermal resistance, jc, of 1 C/W, using a silicone
elastomer heat sink pad provides a case to heat
sink thermal resistance, θ A heat
sink which provides a maximum thermal resis-
tance, sa, of 35 C/W must be chosen for a use in
an ambient temperature, Ta, of 25 C, as shown in
(15a) and (15b).
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It is far better to design for continuous mode and to
transition into discontinuous mode than the other
way around. Discontinuous mode is actually un-
avoidable at zero load. A continuous mode feed-
back control loop has the ability to maintain
stability while in discontinuous mode. However, a
control loop designed for discontinuous operation
does not take into account the already eluded to
right-half-plane zero present in continuous mode.
This design has the fortuitous advantage of show-
ing the user waveforms for both operating modes
dependent upon input voltage and load current
(see Figures 16 and 17).

MOSFET Selection
The switching element in a flyback converter must
have a voltage rating high enough to handle the
maximum input voltage and the reflected second-
ary voltage, not to mention any leakage inductance
induced spike that is inevitably present. Approxi-
mate the required voltage rating of the MOSFET
using (10).
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minimum voltage rating of the MOSFET calculates
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resulting in a junction temperature rise of 206 C
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to prevent the junction temperature, Tj, from ex-
ceeding 150 C and avert device failure due to ex-
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thermal resistance, jc, of 1 C/W, using a silicone
elastomer heat sink pad provides a case to heat
sink thermal resistance, θ A heat
sink which provides a maximum thermal resis-
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cond sw
jc cs

T T

P P
=

+
+

–
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(15b)

Diode Selection
Schottky rectifiers have a lower forward voltage
drop than typical PN devices, making it the rectifier
of choice when considering reducing converter
losses and improving overall efficiency. Selecting
the appropriate Schottky for a specific application
depends mainly on the working peak reverse volt-
age rating, the peak repetitive forward current, and
the average forward current rating of the device. If
the maximum working peak reverse voltage is ex-
ceeded the reverse leakage current will rise above
its specified limit. The peak reverse voltage that the
device will be subjected to is equal to the reflected
maximum input voltage minus the voltage drop
across the FET added to the output voltage. The
maximum average forward current rating of the de-
vice must not be exceeded if the junction tempera-
ture of the device is to remain within its safe
operating range. Because all current to the output
capacitor and load must flow through the diode, the
average forward diode current is equal to the
steady-state load current. The peak repetitive for-
ward current is equal to the reflected primary peak
current. An MBR2535CTL Schottky rectifier from
Motorola met the requirements for the given de-
sign. This device is a common cathode dual
Schottky with a forward voltage drop of 0.47V and
a working peak reverse voltage rating of 35V, ex-
ceeding the 20V requirement of the design. The
average rectified forward current rating is specified
at 12.5A per leg, 25A total, and the peak repetitive
forward current is rated for 25A per leg, or a total of
50A. The design requirement is 10A total average
forward current and 26A total peak repetitive for-
ward current.

Power loss in the Schotty is the summation of con-
duction losses and the reverse leakage losses.
Conduction losses are calculated using the forward
voltage drop and the average forward current. The
MBR2535CTL will have conduction losses equal to
4.7W. Reverse leakage losses, which are depend-
ent upon the reverse leakage current, the blocking
voltage, and the on-time of the FET, are calculated
to be 0.05W. Heat sink selection is once again
based upon the required thermal resistance of the
heat sink to air interface in order to maintain a
junction temperture of less than 125 C.

Input and Output Capacitors
The input capacitors are chosen based upon their
ripple current rating and their rated voltage. The in-
put current waveform is shown in Figure 3. The
shaded regions represent the current actually sup-
plied by the input capacitors during the switch’s on-
and off-times. Because this example uses a duty
cycle that is very close to 50%, this RMS current is
almost equal to the primary RMS current calcu-
lated in (5).The actual capacitor value is not that
critical as long as the minimum capacitance gives
an acceptable ripple voltage determined by the fol-
lowing equation:

C
I

f V
rms

sw
min =

× ×8 ∆
(16)

In (16), Irms is equal to the RMS current, calculated
from Figure 3, and V is equal to the acceptable
ripple voltage. Two United Chemi-Con SXE series
150µF capacitors in parallel met the requirements
for the design when derated for ambient tempera-
ture and frequency. The small 1µF ceramic capaci-
tor is added at the converter input to provide a
shorter path for high frequency ripple.

The output capacitors are also chosen based upon
their low equivalent series resistance (ESR), ripple
current and voltage ratings, and (16). The ripple
current that the output capacitor experiences is a
result of supplying the load current during the FET
conduction time and its charging current during the
FET off-time, as illustrated by the shaded regions
in Figure 4. During the conduction time of the FET,
the secondary windings of the transformer are not
conducting. The discharging of the output capacitor
supplies the 10A load current. During the FET
off-time, the secondary windings are conducting
and the secondary peak current is charging the
output capacitor and delivering the 10A current to
the load. The RMS current is calculated to be ap-
proximately 14A. Four Sanyo OSCON 6SH330M
330µF capacitors in parallel met the requirements
for the demo board design when derated for ambi-
ent temperature and frequency.

二极管的选择

肖特基整流器具有一个低于典型PN器件的正向压降，从而

使其成为考虑降低转换器损耗和改善总体效率时的首选整流

器。对于某种特定的应用，肖特基二极管的选择主要取决于

器件的额定工作峰值反向电压、峰值重复正向电流和额定平

均正向电流。如果超过了最大工作峰值反向电压，则反向漏

电流将升至其规定的限值以上。器件将遭受的峰值反向电压

等于最大反射输入电压减去FET两端的电压降再加上输出电

压。如果器件的结温要保持在其安全工作范围之内，则一定

不得超过它的额定最大平均正向电流。由于所有流至输出电

容器和负载的电流均必须流经二极管，因此平均正向二极管

电流等于稳态负载电流。峰值重复正向电流等于初级反射峰

值电流。由Motorola公司提供的MBR2535CTL肖特基整流器

满足了所述设计的要求。该器件是一款共阴极双通道肖特基

二极管，具有0.47V的正向压降和35V的额定工作峰值反向电

压，超过了设计所要求的20V。额定平均整流正向电流被规

定为每通道12.5A（共25A），而峰值重复正向电流的额定值

被拟订为每通道25A（即总共50A）。设计要求的是10A的总

平均正向电流和26A的总峰值重复正向电流。

肖特基二极管中的损耗是传导损耗与反向漏损之和。传导损

耗采用正向压降和平均正向电流来计算。MBR2535CTL将

具有4.7W的传导损耗。取决于反向漏电流、隔离电压和FET

接通时间的反向漏损的计算值为0.05W。散热器的选择再次

基于所需的散热器至空气界面热阻，以保持低于125℃的结

温。

输入和输出电容器

输入电容器的选择基于其额定纹波电流以及它的额定电压。

输入电流波形示于图3。阴影区域代表在开关的接通和关断期

间实际上由输入电容器提供的电流。由于本例采用了一个非

常接近于50%的占空比，因此该RMS电流几乎等于在 (5) 式

计算的初级RMS电流。实际的电容值并不是那么至关紧要，

只要最小电容值（由下式确定）提供了一个可接受的纹波电

压即可：

在 (16) 式中，Irms是RMS电流（由图3来计算），ΔV是可

接受的纹波电压。当针对环境温度和频率降额使用时，两个

并联的United Chemi-Con SXE系列150μF电容器可满足设计

的要求。在转换器的输入端上增设了一个1μF的小陶瓷电容

器，以提供一条针对高频纹波的较短路径。

输出电容器的选择还基于其低等效串联电阻 (ESR)、纹波电

流和额定电压以及 (16) 式。输出电容器所经受的纹波电流是

在FET传导时间里提供负载电流及其在FET关断时间里的充

电电流造成的，如图4中的阴影区域所示。在FET传导期间，

变压器的次级绕组不导通。输出电容器的放电提供了10A的

负载电流。在FET关断期间，次级绕组导通，而且次级峰值

电流将对输出电容器进行充电，并向负载输送10A的电流。

RMS电流的计算值约为14A。当针对环境温度和频率降额使

用时，4个并联的Sanyo OSCON 6SH330M 330μF电容器可

满足演示电路板设计的要求。
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the appropriate Schottky for a specific application
depends mainly on the working peak reverse volt-
age rating, the peak repetitive forward current, and
the average forward current rating of the device. If
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sign. This device is a common cathode dual
Schottky with a forward voltage drop of 0.47V and
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average rectified forward current rating is specified
at 12.5A per leg, 25A total, and the peak repetitive
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forward current and 26A total peak repetitive for-
ward current.

Power loss in the Schotty is the summation of con-
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Conduction losses are calculated using the forward
voltage drop and the average forward current. The
MBR2535CTL will have conduction losses equal to
4.7W. Reverse leakage losses, which are depend-
ent upon the reverse leakage current, the blocking
voltage, and the on-time of the FET, are calculated
to be 0.05W. Heat sink selection is once again
based upon the required thermal resistance of the
heat sink to air interface in order to maintain a
junction temperture of less than 125 C.

Input and Output Capacitors
The input capacitors are chosen based upon their
ripple current rating and their rated voltage. The in-
put current waveform is shown in Figure 3. The
shaded regions represent the current actually sup-
plied by the input capacitors during the switch’s on-
and off-times. Because this example uses a duty
cycle that is very close to 50%, this RMS current is
almost equal to the primary RMS current calcu-
lated in (5).The actual capacitor value is not that
critical as long as the minimum capacitance gives
an acceptable ripple voltage determined by the fol-
lowing equation:
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In (16), Irms is equal to the RMS current, calculated
from Figure 3, and V is equal to the acceptable
ripple voltage. Two United Chemi-Con SXE series
150µF capacitors in parallel met the requirements
for the design when derated for ambient tempera-
ture and frequency. The small 1µF ceramic capaci-
tor is added at the converter input to provide a
shorter path for high frequency ripple.

The output capacitors are also chosen based upon
their low equivalent series resistance (ESR), ripple
current and voltage ratings, and (16). The ripple
current that the output capacitor experiences is a
result of supplying the load current during the FET
conduction time and its charging current during the
FET off-time, as illustrated by the shaded regions
in Figure 4. During the conduction time of the FET,
the secondary windings of the transformer are not
conducting. The discharging of the output capacitor
supplies the 10A load current. During the FET
off-time, the secondary windings are conducting
and the secondary peak current is charging the
output capacitor and delivering the 10A current to
the load. The RMS current is calculated to be ap-
proximately 14A. Four Sanyo OSCON 6SH330M
330µF capacitors in parallel met the requirements
for the demo board design when derated for ambi-
ent temperature and frequency.
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SETTING UP THE UCC3809
The UCC3809 was selected as the primary side
controller for this application because of its flexibil-
ity, low cost, and built in features such as program-
mable maximum duty cycle, full cycle
programmable soft start, undervoltage lockout, and
low operating current.

VDD Bias/UVLO
The employment of a constant current biasing
scheme, as shown in Figure 5, minimizes trans-
former design costs by eliminating the need for a
bootstrap winding. It also avoids any high power
dissipation that would be present in a single bias
resistor. This is especially true with a wide input
voltage range, such as seen in the telecommunica-
tions industry. The current biasing scheme supplies
enough current for the gate drive, determined by
(11), in addition to the maximum IVDD current re-
quired to operate the internal functions of the IC.

The zener diode, D1, minus the VBE drop of the
small signal PNP transistor, sets up a constant
voltage across the emitter resistor, Re, resulting in
a constant emitter current. The selection of the col-
lector resistor, Rc, ensures the transistor remains
in the active mode throughout the entire range of
VIN while maintaining VDD above the under volt-
age lockout level. All of these components have
minimal power dissipation and are sur-
face-mountable if desired. Although the internal
shunt regulator can sink up to 25mA, D2 was
added to minimize the power dissipation in the IC.

The UCC3809 is available with two different
undervoltage lockout (UVLO) levels and hysteresis
options. Off-line users can take advantage of the
wider hysteresis option available in the –2 device
while the tighter hysteresis of the –1 is optimized
for dc-to-dc converter use. UVLO insures that the
IC bias is within specification before enabling the
output stage. This guarantees the output drive is
capable to fully turn on the MOSFET once the
UVLO threshold has been reached. The output
drive and reference voltage are actively held low
during power-up and the IVDD starting current is
less than 100µA until VDD crosses the turn-on
threshold. As VDD crosses the turn-off threshold
during power-down, REF and the output drive are
pulled low.

+VIN

IVDD
VDD

D1

Rb

Re

Rc

D2

Figure 5. Constant current biasing.

UDG-98128I
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IOUT
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Figure 4. Output capacitor current waveform.

I
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T

IIN

tON tOFF

2T

Figure 3. Input capacitor current waveform.图3：输入电容器电流波形

图4：输出电容器电流波形

设置UCC3809
由于UCC3809具有灵活性、低成本、以及诸如可编程最大占

空比、全循环可编程软起动、欠压闭锁和低工作电流等内置

功能和特点，因此本应用选择它作为初级侧控制器。

VDD偏置 / UVLO

使用恒定电流偏置电路（如图5所示）时，可通过免除增设自

举绕组的需要而最大限度地降低变压器的设计成本。它还消

除了任何有可能存在于单个偏置电阻器中的高功耗。对于诸

如电信行业中常见的宽输入电压范围而言，情况尤其如此。

电流偏置电路可为栅极驱动提供足够的电流，决定该电流的
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图5：恒定电流偏置
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去耦
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振荡器
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容的估计值为27pF。设定占空比箝位的ton = 9.5μs，CT = 

1nF，RT1由下式来决定：

接着，选择合适的RT2以满足开关频率周期。振荡器频率由

下式近似计算：

为了获得上佳的抗噪声能力，定时元件必须布设在尽可能靠

近IC引脚的地方。

电流限制

电流检测电阻器的选择是通过用FB 1V门限值除以期望限流

点上的峰值初级电流（通常为IPEAK的120%）来完成的。

这个接地参考电阻器必须是低电感型的，并具有一个旨在满

足 (IRMS)2×Rsense要求的额定功率等级。采用了可满足该要
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将被复位，从而关断输出驱动器，直到下一个振荡器充电周

期的起点为止。
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Decoupling
Both VDD and REF should be decoupled with
good quality, low ESR/ESL, ceramic capacitors
placed as close to the VDD or REF pin as possible
and returned directly to the GND pin for the best
high frequency performance. Because the refer-
ence voltage provides the bias to many of the inter-
nal circuits of the IC, its decoupling capacitor
should be at least 0.47µF for adequate filtering.

Soft Start and Shutdown
The soft start feature enables the IC to start up in a
controlled manner. While the IC is in UVLO, the SS
pin is held low. Once the UVLO threshold has been
crossed, an internal 6µA current source charges
the external soft start capacitor (C4, Figure 1). As
the capacitor voltage ramps up from 0.8V to 2V,
the output duty cycle linearly increases to a level
required for output voltage regulation. The soft start
capacitor is chosen so that there is a delay of ap-
proximately 3 milliseconds before VOUT ramps up
to its full potential. Pulling the SS pin below 0.5V
will shut down the output and pull REF low. This
feature is easily implemented using a small signal
NPN and a pull-down resistor to accept a logic
level command signal.

Output Driver
The totem pole output stage of the UCC3809 has
the ability to source 0.4A and sink 0.8A. Placing a
small resistor (R10, Fig. 1) in series with the IC
output and the gate of the FET will damp any oscil-
lations caused by the parasitic wiring inductance
and the FET’s input capacitance. To insure the
MOSFET gate does not get charged to its turn-on
threshold during device start up, a pull-down resis-
tor (R7, Fig. 1) is added to the gate drive. The out-
put stage provides a low resistance during
overshoot and undershoot, eliminating the need for
Schottky diodes on the output.

Oscillator
The data sheet gives a complete description of the
operation of the internal oscillator and optional syn-
chronization schemes. The external RT1 resistor
(R3, Fig. 1) and the internally generated voltage
across it control the charge current of CT (C5, Fig-
ure 1). When the CT voltage is equal to 2/3 of the
reference voltage, sensed through RT2 (R4, Figure
1), the oscillator initiates a discharge cycle. The
discharge current is set by RT2 and the CT voltage
is sensed through RT1. When CT has discharged
to 1/3 of the reference voltage, the charging cycle
begins again.

The converter design in Figure 1 requires 48%, or
6.9µs, of unrestrained on-time during its full range
of operation. The duty cycle clamp is set at 66%, or
9.5µs, so that within the range of normal operation,
the output regulation is not sacrificed because of
hitting the duty cycle clamp. This clamp will effec-
tively prevent the transformer from saturating when
the input voltage is less than the minimum operat-
ing range, such as during start-up, brown-outs, and
shut down, without inhibiting normal operation. For
100kHz switching frequency, the recommended ca-
pacitor for CT is approximately 1nF, and the inter-
nal capacitance of the IC is estimated to be 27pF.
Setting ton of the duty cycle clamp to 9.5µs, and
CT equal to 1nF, RT1 is determined by:

( )t CT pF RTON = × + ×074 27 1. (17)

RT2 is then selected to satisfy the switching fre-
quency period. The oscillator frequency is approxi-
mated by the following equation:

( ) ( )
f

CT pF RT RTsw =
× + × +

1

0 74 27 1 2.
(18)

For good noise immunity, the timing components
must be placed as close as possible to the IC pins.

Current Limiting
Selection of the current sense resistor is accom-
plished by dividing the FB 1V threshold value by
the peak primary current at the desired current limit
point, typically 120% of IPEAK.

R
FB

Isense
threshold

PEAK
=

×1 2.
(19)

This ground-referenced resistor must be a low in-
ductance type and have a rated power level to
meet the (IRMS)2 x Rsense requirement. The closest
standard value resistor that meets this requirement
is used. The UCC3809/UC3965 circuit uses a
0.15 resistor for current sensing. This value resis-
tor equates to a maximum primary side current
limit point of 6.67A. This would lead to a worst case
average short circuit output current, Isc, of 12.9A
as calculated using (4), substituting Isc for
IOUT(max). Upon crossing the PWM comparator
threshold, the internal PWM latch is reset, turning
off the output driver until the beginning of the next
oscillator charge cycle.
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Current spikes caused by the leakage inductance
of the flyback transformer and the reverse recovery
of the diode could trip the current sense latch and
prematurely shut off the output. This unwanted
spike can be suppressed by adding a small RC fil-
ter for effective leading edge blanking (Figure 6).
Usually adding a few hundred nanoseconds of
blanking time is enough to ignore (or “blank”) any
unwanted current spikes. An internal 250 NMOS
FET discharges the high frequency capacitor used
in this filter during the PWM off-time.

Slope Compensation [4]
Sensing peak inductor current instead of average
inductor current results in a loop response that is
less than ideal. Adding slope compensation to the
current sense signal cancels this error by maintain-
ing a constant average current independent of duty
cycle. Slope compensation is required for open
loop stability in a current mode system with 50% or
greater duty cycles, but will benefit any current
mode application at the cost of a few small parts.

The circuit described resistively divides the oscilla-
tor sawtooth at the CT node and superimposes it
onto the current sense signal using an emitter fol-
lower configuration as detailed in [4].

The first step in implementing slope compensation
is to calculate the flyback inductor down slope on
the secondary side in amps per second:

( )S L
di
dt

V
L

= = sec

sec

(20)

where Vsec = VO + VD and Lsec = LP/N2. Then
transform this slope to the primary side and calcu-
late the equivalent slope voltage at the sense re-
sistor in volts per second:

( )
( )

VS L
S L

N
Rsense'= (21)

Next, calculate the oscillator slope at the timing ca-
pacitor, CT, in volts per second:

( )
( )

VS osc
V

t
osc

on
=

∆

max

(22)

Vosc is equal to the CT peak to peak voltage,
1.67V for the UCC3809. Because the oscillator
waveform has a valley voltage greater than zero,
an AC coupling capacitor is required (Fig. 6). Using
superpositioning and neglecting the coupling and
LEB capacitors, the voltage ramp equation at the
FB pin can be derived (23).

( )
( ) ( )

V ramp
VS L R
R R

VS osc R
R R

SC

LEB SC

LEB

LEB SC
=

×
+

+
×

+
' (23)

The value of the RSC resistor (Figure 6) is depend-
ent upon the amount of slope compensation to be
added. By equating a portion (M) of the inductor

+

–
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Figure 6. The FB pin serves as a summing node for current sense, voltage feedback, and slope
compensation.

UDG-98129

由反激式变压器的漏电感和二极管的反向恢复所引起的电流

尖峰有可能使电流检测锁存器发生跳变，并过早地关断输

出。通过增设一个小的RC滤波器可以抑制这种有害的尖峰，

以实现有效的前沿消隐（图6）。通常，增加几百ns的消隐时

间便足以忽略（或“除去”）所有有害的电流尖峰。一个内

部250Ω NMOS FET负责在PWM关断时间里对该滤波器中所

使用的高频电容器进行放电。

斜率补偿 [4]

检测峰值电感器电流而非平均电感器电流的做法将产生不太

理想的环路响应。如果给电流检测信号增加斜率补偿，便可

通过保持一个不受占空比影响的恒定平均电流来消除该误

差。在具有50%或更高占空比的电流模式系统中，需要进行

斜率补偿以实现开环稳定性，不过，在使所有电流模式应用

受益的同时所付出的代价是增加了少许小元件。

所述的电路对CT节点上的锯齿波振荡器进行阻性分压，并采

用一个发射极跟随器配置将之叠加在电流检测信号之上（参

考文献 [4] 中对此做了详细的描述）。

在实现斜率补偿的过程中，第一步工作是计算次级侧上的反

激式电感器电流下降斜率（单位：安培/秒）：

式中，Vsec = VO + VD，Lsec = LP/N2。然后，将该斜率变换至

初级侧，并计算检测电阻器上的等效斜坡电压（单位：伏特

/秒）：

接着，计算定时电容器CT上的振荡器斜率（单位：伏特

/秒）：

ΔVosc是CT峰-峰电压（对于UCC3809为1.67V）。由于振荡

器波形具有一个大于零的谷值电压，因而需要一个AC耦合电

容器（图6）。采用叠加法并忽略耦合及LED电容器，可以得

出FB引脚上的电压斜坡方程，即 (23) 式。

RSC电阻器（图6）的阻值取决于所增加的斜率补偿量。通过

使电感器电流下降斜率的一部分 (M) 与阻性分压振荡器充电

斜率相等，即可确定RSC。
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Sensing peak inductor current instead of average
inductor current results in a loop response that is
less than ideal. Adding slope compensation to the
current sense signal cancels this error by maintain-
ing a constant average current independent of duty
cycle. Slope compensation is required for open
loop stability in a current mode system with 50% or
greater duty cycles, but will benefit any current
mode application at the cost of a few small parts.

The circuit described resistively divides the oscilla-
tor sawtooth at the CT node and superimposes it
onto the current sense signal using an emitter fol-
lower configuration as detailed in [4].

The first step in implementing slope compensation
is to calculate the flyback inductor down slope on
the secondary side in amps per second:
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L

= = sec

sec
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where Vsec = VO + VD and Lsec = LP/N2. Then
transform this slope to the primary side and calcu-
late the equivalent slope voltage at the sense re-
sistor in volts per second:
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Next, calculate the oscillator slope at the timing ca-
pacitor, CT, in volts per second:
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Vosc is equal to the CT peak to peak voltage,
1.67V for the UCC3809. Because the oscillator
waveform has a valley voltage greater than zero,
an AC coupling capacitor is required (Fig. 6). Using
superpositioning and neglecting the coupling and
LEB capacitors, the voltage ramp equation at the
FB pin can be derived (23).
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The value of the RSC resistor (Figure 6) is depend-
ent upon the amount of slope compensation to be
added. By equating a portion (M) of the inductor
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Vosc is equal to the CT peak to peak voltage,
1.67V for the UCC3809. Because the oscillator
waveform has a valley voltage greater than zero,
an AC coupling capacitor is required (Fig. 6). Using
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spike can be suppressed by adding a small RC fil-
ter for effective leading edge blanking (Figure 6).
Usually adding a few hundred nanoseconds of
blanking time is enough to ignore (or “blank”) any
unwanted current spikes. An internal 250 NMOS
FET discharges the high frequency capacitor used
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ing a constant average current independent of duty
cycle. Slope compensation is required for open
loop stability in a current mode system with 50% or
greater duty cycles, but will benefit any current
mode application at the cost of a few small parts.
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tor sawtooth at the CT node and superimposes it
onto the current sense signal using an emitter fol-
lower configuration as detailed in [4].
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is to calculate the flyback inductor down slope on
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transform this slope to the primary side and calcu-
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sistor in volts per second:

( )
( )

VS L
S L

N
Rsense'= (21)

Next, calculate the oscillator slope at the timing ca-
pacitor, CT, in volts per second:

( )
( )

VS osc
V

t
osc

on
=

∆

max

(22)

Vosc is equal to the CT peak to peak voltage,
1.67V for the UCC3809. Because the oscillator
waveform has a valley voltage greater than zero,
an AC coupling capacitor is required (Fig. 6). Using
superpositioning and neglecting the coupling and
LEB capacitors, the voltage ramp equation at the
FB pin can be derived (23).
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prematurely shut off the output. This unwanted
spike can be suppressed by adding a small RC fil-
ter for effective leading edge blanking (Figure 6).
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lower configuration as detailed in [4].
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the secondary side in amps per second:

( )S L
di
dt

V
L

= = sec

sec

(20)

where Vsec = VO + VD and Lsec = LP/N2. Then
transform this slope to the primary side and calcu-
late the equivalent slope voltage at the sense re-
sistor in volts per second:

( )
( )

VS L
S L

N
Rsense'= (21)

Next, calculate the oscillator slope at the timing ca-
pacitor, CT, in volts per second:

( )
( )

VS osc
V

t
osc

on
=

∆

max

(22)

Vosc is equal to the CT peak to peak voltage,
1.67V for the UCC3809. Because the oscillator
waveform has a valley voltage greater than zero,
an AC coupling capacitor is required (Fig. 6). Using
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downslope to the resistively divided oscillator
charge slope, RSC can be determined.
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To guarantee current loop stability at 100% duty
cycle, a minimum compensation of ½ the inductor
down slope (M = 0.5) must be added. By adding
slope compensation equal to the down slope of the
inductor current (M = 1), any current perturbation
will be eliminated in one cycle. This design incor-
porates approximately 80% slope compensation by
using 5.62KΩ and 1KΩ resistors for RSC and RLEB,
respectively.

Voltage Feedback
The FB pin of the UCC3809 sums the voltage feed-
back signal to the current sense signal and any
added slope compensation. The voltage feedback
signal is from an optocoupler, which is driven from
an error amplifier on the secondary side of the con-
verter.The signal from the optocoupler is designed
to trip the 1V threshold of the UCC3809 internal
comparator when the output voltage exceeds its
specified limit.

SETTING UP THE SECONDARY SIDE
ERROR AMPLIFIER, UC3965

Because the flyback converter in this design is in-
put-output isolated, the error amplifier needed to
sense the output voltage is on the secondary side.
The designers of the UCC3809 considered this
when designing the circuit and omitted the error
amplifier from this IC. Utilizing the UC3965 Preci-
sion Reference and Low Offset Error Amplifier sat-
isfies the requirement for a secondary side error
amplifier and has an on-board precision reference
needed for accurate regulation.

Biasing, UVLO, and Decoupling
Because the UVLO threshold of the UC3965 is
4.1V, the secondary side IC can be biased from the
5V output bus. To prevent the ripple voltage from
tripping the under voltage lockout, a 47µF decoup-
ling capacitor is used. A Schottky diode in series
with the input pin is required to prevent the de-
coupling capacitors from discharging with the out-
put capacitors during the FET on-time.

Output Voltage Sensing
The precision reference of the UC3965 is tied to
the non-inverting input of the device’s internal error
amplifier. The output voltage of the converter is re-
sistively divided and compared to this reference at
the inverting input. This error amplifier has a low
1mV input offset voltage that insures accurate reg-
ulation of Vo. The error amplifier drives the invert-
ing input of an internal buffer whose output is then
used to drive an optocoupler diode. As the output
voltage increases beyond its desired value, the
voltage difference at the error amplifier increases.
This results in less drive at the inverting input of
the internal buffer, increasing its output drive to the
optocoupler. If the application does not require in-
put-output isolation, this buffer could be used to
drive the PWM directly.

Loop Compensation [5] [6]
As previously alluded to, a continuous current
mode flyback will contain a right-half-plane (RHP)
zero in its transfer function. What exactly does this
mean? Basically, any increase in load current will
require the primary peak inductor current to in-
crease. The duty cycle must increase to accom-
plish this. In a flyback converter, the inductor
current flows to the output only when the FET is off
and the diode is conducting. Increasing the duty
cycle increases the FET conduction time but de-
creases the diode conduction time. Ironically, the
result of this is the average diode current, the cur-
rent that supplies the load, actually decreases. This
is a temporary situation; as the inductor current
rises, the diode current eventually reaches its
proper value. The condition where the average di-
ode current must actually decrease before it can
increase is referred to as a right-half-plane zero. To
complicate matters, this zero contributes a phase
lag, not a phase lead as a normal zero would. This
zero moves in frequency as a function of load and
input voltage, as shown in (26), making it impossi-
ble to cancel out by the insertion of a pole.

( )

f

R N V

L V N V

RHPZERO
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The easiest way to deal with a right-half-plane zero
is to roll off the loop gain at a relatively low fre-
quency using simple dominant pole compensation.
Unfortunately, the result of this is poor dynamic re-
sponse.

为了保证100%占空比条件下的电流环路稳定性，必须增加一

个1/2电感器电流下降斜率 (M = 0.5) 的最小补偿。通过增加

与电感器电流下降斜率 (M = 1) 相等的斜率补偿，任何电流

扰动都将在一个周期之内被消除。本设计的RSC和RLEB分别采

用5.62kΩ和1kΩ的电阻器，从而提供了约80%的斜率补偿。

电压反馈

UCC3809的FB引脚将电压反馈信号与电流检测信号及任何增

加的斜率补偿相加。电压反馈信号来自于一个光耦合器，该

光耦合器由转换器次级侧上的误差放大器来驱动。来自光耦

合器的信号专为在输出电压超过其规定限值时使UCC3809的

1V门限发生跳变而设计。

设置次级侧误差放大器

UC3965
由于本设计中的反激式转换器是输入－输出隔离型，因此检

测输出电压所需的误差放大器位于次级侧。在进行电路设计

时，UCC3809的设计者考虑到了这一点，并将误差放大器从

该IC中省去。采用UC3965精密基准和低失调误差放大器可满

足次级侧误差放大器的要求，并拥有一个用于实现准确稳压

的板上精密基准。

偏置、UVLO和去耦

由于UC3965的UVLO门限为4.1V，所以可从5V输出总线对次

级侧IC施加偏置。为了防止纹波电压使欠压闭锁电路发生跳

变，采用了一个47μF的去耦电容器。需要布设一个与输入

引脚相串联的肖持基二极管，以防止去耦电容器在FET接通

时间里和输出电容器一起放电。

输出电压检测

UC3965的精密基准与该器件内部误差放大器的同相输入相

连。对转换器的输出电压进行阻性分压，并在反相输入端上

与该基准进行比较。该误差放大器具有1mV的低输入失调电

压，从而确保了VO的准确稳压。误差放大器驱动一个内部缓

冲器的反相输入，此缓冲器的输出随后被用来驱动一个光耦

合器二极管。当输出电压升至高于其期望值时，误差放大器

上的电压差将增加。这导致内部缓冲器反相输入端上的驱动

电压下降，因而增加了其输送至光耦合器的输出驱动电压。

如果应用不需要输入－输出隔离，则该缓冲器可用于直接驱

动PWM。

环路补偿 [5] [6]

正如前文所提到的那样，连续电流模式反激拓扑结构将在其

转移函数中包含一个右半平面 (RHP) 零点。这究竟意味着

什么呢？大体上来说，负载电流的任何增加都将要求增加初

级峰值电感器电流。必须提高占空比以实现这一目标。在反

激式转换器中，电感器电流只在FET关断而二极管处于导通

状态时流至输出端。提高占空比将增加FET的导通时间，但

却减少了二极管的导通时间。令人啼笑皆非的是：这样做的

结果是平均二极管电流（即负责给负载供电的电流）实际上

减小了。这是一种暂时的状况；随着电感器电流的增大，二

极管电流最终将达到其正确的数值。在可以增大平均二极管

电流之前必须使其实际上有所减小的状态被称为右半平面零

点。该零点会产生一个相位滞后（而不是像正常的零点那样

产生相位超前），从而使问题复杂化。如 (26) 式所示，此零

点的频率变化与负载和输入电压之间存在某种函数关系，因

而可以通过插入一个极点的方式来抵消。

处理右半平面零点最简单的方法是：运用简单的主导极点补

偿在一个相对较低的频率上衰减环路增益。不幸的是，这种

做法将导致动态特性欠佳。
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downslope to the resistively divided oscillator
charge slope, RSC can be determined.
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To guarantee current loop stability at 100% duty
cycle, a minimum compensation of ½ the inductor
down slope (M = 0.5) must be added. By adding
slope compensation equal to the down slope of the
inductor current (M = 1), any current perturbation
will be eliminated in one cycle. This design incor-
porates approximately 80% slope compensation by
using 5.62KΩ and 1KΩ resistors for RSC and RLEB,
respectively.
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The FB pin of the UCC3809 sums the voltage feed-
back signal to the current sense signal and any
added slope compensation. The voltage feedback
signal is from an optocoupler, which is driven from
an error amplifier on the secondary side of the con-
verter.The signal from the optocoupler is designed
to trip the 1V threshold of the UCC3809 internal
comparator when the output voltage exceeds its
specified limit.

SETTING UP THE SECONDARY SIDE
ERROR AMPLIFIER, UC3965

Because the flyback converter in this design is in-
put-output isolated, the error amplifier needed to
sense the output voltage is on the secondary side.
The designers of the UCC3809 considered this
when designing the circuit and omitted the error
amplifier from this IC. Utilizing the UC3965 Preci-
sion Reference and Low Offset Error Amplifier sat-
isfies the requirement for a secondary side error
amplifier and has an on-board precision reference
needed for accurate regulation.

Biasing, UVLO, and Decoupling
Because the UVLO threshold of the UC3965 is
4.1V, the secondary side IC can be biased from the
5V output bus. To prevent the ripple voltage from
tripping the under voltage lockout, a 47µF decoup-
ling capacitor is used. A Schottky diode in series
with the input pin is required to prevent the de-
coupling capacitors from discharging with the out-
put capacitors during the FET on-time.

Output Voltage Sensing
The precision reference of the UC3965 is tied to
the non-inverting input of the device’s internal error
amplifier. The output voltage of the converter is re-
sistively divided and compared to this reference at
the inverting input. This error amplifier has a low
1mV input offset voltage that insures accurate reg-
ulation of Vo. The error amplifier drives the invert-
ing input of an internal buffer whose output is then
used to drive an optocoupler diode. As the output
voltage increases beyond its desired value, the
voltage difference at the error amplifier increases.
This results in less drive at the inverting input of
the internal buffer, increasing its output drive to the
optocoupler. If the application does not require in-
put-output isolation, this buffer could be used to
drive the PWM directly.

Loop Compensation [5] [6]
As previously alluded to, a continuous current
mode flyback will contain a right-half-plane (RHP)
zero in its transfer function. What exactly does this
mean? Basically, any increase in load current will
require the primary peak inductor current to in-
crease. The duty cycle must increase to accom-
plish this. In a flyback converter, the inductor
current flows to the output only when the FET is off
and the diode is conducting. Increasing the duty
cycle increases the FET conduction time but de-
creases the diode conduction time. Ironically, the
result of this is the average diode current, the cur-
rent that supplies the load, actually decreases. This
is a temporary situation; as the inductor current
rises, the diode current eventually reaches its
proper value. The condition where the average di-
ode current must actually decrease before it can
increase is referred to as a right-half-plane zero. To
complicate matters, this zero contributes a phase
lag, not a phase lead as a normal zero would. This
zero moves in frequency as a function of load and
input voltage, as shown in (26), making it impossi-
ble to cancel out by the insertion of a pole.
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The easiest way to deal with a right-half-plane zero
is to roll off the loop gain at a relatively low fre-
quency using simple dominant pole compensation.
Unfortunately, the result of this is poor dynamic re-
sponse.
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The primary goal of the compensation network is
to provide good line and load regulation and dy-
namic response. These objectives are best met by
providing high gain at low frequencies for good DC
regulation and high bandwidth for good transient
response. Optimum closed loop performance can
only be achieved by first knowing what the transfer
characteristic of the PWM and switching circuit
looks like. Constructing a Bode plot of the known
poles and zeroes in the power stage does this.
Bode plots give a visual interpretation of the gain
versus frequency and phase versus frequency
characteristics of a system. In the gain plot, the
gain shown at each frequency represents the
amount by which the feedback loop will reduce a
disturbance at that frequency.

Besides the RHP zero, the output capacitor and
the load contribute a pole at a frequency deter-
mined by (27), and the output capacitor alone will
contribute a zero based upon its ESR and capaci-
tance as shown in (28).

f
D

R Cpole
OUT OUT

=
+

× ××
1

2 π
(27)

f
ESR Czero

OUT
=

××
1

2π
(28)

The control to output gain [7] is calculated using
(29):

( ) ( )

GAIN

I R V

V D N V V
sc OUT IN

C O IN

=

× ×
× ×

× × × × +









20

1 2
log

–

(29)

In this equation, the output short circuit current, Isc,
was calculated previously. Vc is the control voltage,
equal to 2.5V in the UC3965. In addition to the con-
trol to output gain, the optocoupler will also contrib-
ute a gain based upon its current transfer ratio and
a phase lag due to its large collector to base ca-
pacitance. Because the optocoupler data sheet
usually does not include any frequency dependent
curves, the bandwidth was measured in the lab us-
ing a network analyzer. The gain contribution from
the optocoupler averaged 7dB and the expected
pole was not evident in scans run up to 60kHz. The
closed loop gain of the inner current loop is equal
to the inverse of the sense resistor, 1/Rsense, or
16dB. By adding all of these factors together, a
Bode plot of the uncompensated system can be re-
alized.

Once the frequency response of the uncompen-
sated system is determined, the next step is to de-
termine what compensation is needed around the
error amplifier for optimum performance. As stated
earlier, optimum performance requires a high gain
at low frequencies for good DC regulation and high
bandwidth for good transient response. The cross-
over frequency, fc, is the frequency at which the
gain magnitude equals 0dB. High bandwidth is
achieved by having the highest possible fc. Be-
cause of the RHP zero, the highest possible cross-
over frequency is limited to fRHPZERO/ .The phase
margin, or the amount the phase lag measures at
fc less 180 , should be at least 45° for good tran-
sient response with little overshoot.The magnitude
of the gain at the frequency where the phase plot
measures –180 is referred to as the gain margin.
If the slope of the gain plot is –2, or –40dB/decade,
at low frequencies, it must transition to a –20dB/de-
cade slope, also known as a –1 slope, one decade
before crossing the 0dB point.If the slope remains
at the –2 slope the resultant gain margin would be
too small causing severe underdamped oscillations
at fc.

With all these tricks of the trade in mind, the com-
pensation network is designed around the error
amplifier.A certain amount of juggling is inevitable
but, in general, the scheme shown in Figure 7 will
handle most compensation requirements. There is
a pole at the origin which contributes a –1 slope in
the gain plot, a low frequency zero, fEAZERO (30),
flattens out the slope so the midrange gain is equal
to Rf/Ri. A high frequency pole, fEAPOLE (31), helps
suppress any high frequency noise from propagat-
ing through the system. Rd forms a voltage divider
with Ri and provides a DC offset. By combining the
Bode plots of the PWM and power stage with the
error amplifier compensation, a plot of the entire
system is realized.

Ri

Rd

Rf

Cp

Cf

VO

VC

Figure 7. Error amplifier compensation network.
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补偿网络的主要目标是提供上佳的线路输入电压和负载调节

性能以及动态响应。通过在低频条件下提供高增益（以获得

优良的DC调节性能）和高带宽（以赢得良好的瞬态响应），

可以最好地满足这些目标。只有首先了解了PWM和开关电路

的传输特性，才能实现最佳的闭环性能。绘制功率级中已知

极点和零点的博德曲线图 (Bode plot) 可以完成这项任务。博

德曲线图直观地说明了一个系统的增益一频率关系和相位一

频率关系特性。在增益曲线图中，示于每个频率上的增益代

表了反馈环路将在该频率上减少的扰动量。

除了RHP零点之外，输出电容器和负载还产生了一个位于由 

(27) 式所确定的频率的极点，而且，单单输出电容器就将产

生一个基于其ESR和电容的零点，如 (28) 式所示。

在该式中，输出短路电流Isc事先计算。VC是控制电压，在

UC3965中为2.5V。除了控制ā输出增益之外，光耦合器还

将产生一个基于其电流传输比的增益和一个相位滞后（因其

大的集电极-基极电容所致）。由于光耦合器数据表通常不提

供任何与频率相关的曲线，因此带宽是采用网络分析仪在实

验室里测量的。由光耦合器产生的增益平均为7dB，而且，

在运行频率高达60kHz的扫描中预期的极点并不明显。内部

电流环路的闭环增益等于检测电阻的倒数——1/Rsense，即

16dB。通过把所有这些因素加在一起，即可绘制出未补偿系

统的博德曲线图。

控制―输出增益 [7] 采用 (29) 式来计算：

一旦确定了未补偿系统的频率响应，下一步就要决定围绕误

差放大器需要进行何种补偿以实现最佳的性能。如前文所

述，最佳性能的实现需要在低频条件下提供高增益（以获得

优良的DC调节性能）和高带宽（以获得良好的瞬态响应）。

穿越频率fC是增益幅度等于0dB时的频率。高带宽是通过拥有

最高可用fC来实现的。由于RHP零点的缘故，最高可用穿越

频率被限制为fRHPZERO/p。相位裕量（即：在fC频率下的相位

滞后量减去180°）至少应为45°，以实现上佳的瞬态响应

和极少的过冲。在相位图上度量为―180°的频率条件下的

增益幅度被称为增益裕量。如果在低频条件下增益曲线的斜

率为―2（即：―40dB每十倍频），则在越过0dB点之前一

个十倍频，它必须转换至―20dB每十倍频的斜率（也被称做

“―1斜率”）。如果该斜率保持在“―2斜率”，则最终的

增益裕量将过小，从而在fC上引起严重的欠阻尼振荡。

在考虑了所有这些折衷手法的情况下，围绕误差放大器设计

了补偿网络。虽然不可避免地需要进行一定量的调整，但总

的来说，图7所示的方案将能够应付大多数补偿要求。在原

点上有一个极点，它在增益曲线上产生了一个ı1斜率和、一

个低频零点fEAZERO［(30) 式］，并使斜率变得平坦，于是中

频增益等于Rf/Ri。一个高频极点fEAPOLE［(31) 式］有助于抑

制任何高频噪声通过系统进行传播。Rd和Ri形成了一个分压

器，并提供了DC偏移。通过将PWM和功率级的博德图与误

差放大器补偿相结合，绘制出了整个系统的曲线图。
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The primary goal of the compensation network is
to provide good line and load regulation and dy-
namic response. These objectives are best met by
providing high gain at low frequencies for good DC
regulation and high bandwidth for good transient
response. Optimum closed loop performance can
only be achieved by first knowing what the transfer
characteristic of the PWM and switching circuit
looks like. Constructing a Bode plot of the known
poles and zeroes in the power stage does this.
Bode plots give a visual interpretation of the gain
versus frequency and phase versus frequency
characteristics of a system. In the gain plot, the
gain shown at each frequency represents the
amount by which the feedback loop will reduce a
disturbance at that frequency.

Besides the RHP zero, the output capacitor and
the load contribute a pole at a frequency deter-
mined by (27), and the output capacitor alone will
contribute a zero based upon its ESR and capaci-
tance as shown in (28).

f
D

R Cpole
OUT OUT

=
+

× ××
1

2 π
(27)

f
ESR Czero

OUT
=

××
1

2π
(28)

The control to output gain [7] is calculated using
(29):

( ) ( )

GAIN

I R V

V D N V V
sc OUT IN

C O IN

=

× ×
× ×

× × × × +









20

1 2
log

–

(29)

In this equation, the output short circuit current, Isc,
was calculated previously. Vc is the control voltage,
equal to 2.5V in the UC3965. In addition to the con-
trol to output gain, the optocoupler will also contrib-
ute a gain based upon its current transfer ratio and
a phase lag due to its large collector to base ca-
pacitance. Because the optocoupler data sheet
usually does not include any frequency dependent
curves, the bandwidth was measured in the lab us-
ing a network analyzer. The gain contribution from
the optocoupler averaged 7dB and the expected
pole was not evident in scans run up to 60kHz. The
closed loop gain of the inner current loop is equal
to the inverse of the sense resistor, 1/Rsense, or
16dB. By adding all of these factors together, a
Bode plot of the uncompensated system can be re-
alized.

Once the frequency response of the uncompen-
sated system is determined, the next step is to de-
termine what compensation is needed around the
error amplifier for optimum performance. As stated
earlier, optimum performance requires a high gain
at low frequencies for good DC regulation and high
bandwidth for good transient response. The cross-
over frequency, fc, is the frequency at which the
gain magnitude equals 0dB. High bandwidth is
achieved by having the highest possible fc. Be-
cause of the RHP zero, the highest possible cross-
over frequency is limited to fRHPZERO/ .The phase
margin, or the amount the phase lag measures at
fc less 180 , should be at least 45° for good tran-
sient response with little overshoot.The magnitude
of the gain at the frequency where the phase plot
measures –180 is referred to as the gain margin.
If the slope of the gain plot is –2, or –40dB/decade,
at low frequencies, it must transition to a –20dB/de-
cade slope, also known as a –1 slope, one decade
before crossing the 0dB point.If the slope remains
at the –2 slope the resultant gain margin would be
too small causing severe underdamped oscillations
at fc.

With all these tricks of the trade in mind, the com-
pensation network is designed around the error
amplifier.A certain amount of juggling is inevitable
but, in general, the scheme shown in Figure 7 will
handle most compensation requirements. There is
a pole at the origin which contributes a –1 slope in
the gain plot, a low frequency zero, fEAZERO (30),
flattens out the slope so the midrange gain is equal
to Rf/Ri. A high frequency pole, fEAPOLE (31), helps
suppress any high frequency noise from propagat-
ing through the system. Rd forms a voltage divider
with Ri and provides a DC offset. By combining the
Bode plots of the PWM and power stage with the
error amplifier compensation, a plot of the entire
system is realized.

Ri

Rd

Rf

Cp

Cf

VO

VC

Figure 7. Error amplifier compensation network.
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图7：误差放大器补偿网络
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f
R CEAZERO

f f
=

× × ×
1

2 π
(30)

f
R CEAPOLE

f p
=

× × ×
1

2 π
(31)

The following graphs show examples of Bode plots
before and after compensation.

SNUBBERS AND CLAMPS [7]
Transformer leakage inductance imposes high
transients in the switch, requiring a switching de-
vice with an excessive voltage rating. The primary
side of the demo board utilizes a passive polarized
voltage clamp (Figure 12) to suppress the voltage
overshoot during the turn-off transition of the FET.
This circuit limits the peak switch voltage, reducing
the power dissipation in the switching device. The
total dissipated energy remains the same, but it is
now divided between the clamp resistor and the
FET.

The parasitic inductance of the transformer is dis-
charged into the capacitor during each switching
cycle. The value of the capacitor is selected based
upon the amount of energy that this leakage induc-
tance stores plus the initial energy stored in the ca-
pacitor from the input voltage and the reflected
output voltage. Equation 32 determines the mini-
mum capacitor value.

Figure 10. Phase Bode plot without
compensation.
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Figure 9. Gain Bode plot with compensation.

Figure 11. Phase bode plot with compensation.

Figure 8. Gain Bode plot without
compensation.

CR

D

N
VIN

VIN+N(VO+VD)

Figure 12. RCD clamp on the primary side
suppresses voltage overshoot across the FET.
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下面的曲线图示出了补偿前后的博德图实例。

图8：未采用补偿时的增益博德图

图9：采用补偿时的增益博德图

图10：未采用补偿时的相位博德图

减振器和箝位器 [7]
变压器漏电感在开关中产生了高瞬变，因而需要采用具有过高

额定电压的开关器件。演示电路板的初级侧使用了一个无源极

化电压箝位器（图12），用于抑制FET关断转换期间的电压过

冲。该电路限制了峰值开关电压，从而降低了开关器件中的功

耗。虽然总耗能保持不变，但此时它是在箝位电阻器和FET之

间分摊。

图11：采用补偿时的相位博德图

图12：初级侧上的RCD箝位器用

于抑制FET两端的电压过冲

在每个开关周期中，变压器的寄生电感被放电至电容器。电容

器数值的选择基于该漏电感所存储的能量以及电容器中获自输

入电压和反射输出电压的初始存储能量。(32) 式确定了最小电

容值。
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( )
( )C

L I

V V V
L PEAK

c c
=

×

× +

2

2∆ ∆

(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)

ATTEN
V

db
R= × ×







– log

.
20

0 05
(38)

An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.

C R

N

Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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在上式中，ΔVC = 电容器两端电压的可接受变化，通常在

40V至60V之间。LL = 变压器的漏电感。IPEAK = 器件关断时

电感器中的峰值电流。V = 电容器两端的DC偏压。该DC偏压

是穿过电阻器和二极管的DC路径以及反射至初级的次级侧电

压产生的结果：

所选择的电阻器应使RC时间常数大大长于开关周期。该电阻

器不仅必须耗散漏电感中的存储能量，而且还必须消散由于

电容器的DC偏压所产生的电压：

演示电路板上使用的电阻器必须耗散2.4W的功率。二极管的

选择基于电容器的充电时间。

转换器的次级侧需要一个跨接在二极管两端的RC减振器（图

13），用于对5V总线上的高频振铃（因变压器的寄生电感及

肖特基二极管的寄生电容所致）进行衰减。

所选择的电容器应产生这样的作用：当将其置于肖特基二极

管的两端时，振荡频率fosc几乎降低了50%。漏电感LSL和寄

生电容Cp可通过同时求解 (35a) 和 (35b) 式来决定。
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( )
( )C

L I

V V V
L PEAK

c c
=

×

× +

2

2∆ ∆

(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)

ATTEN
V

db
R= × ×







– log

.
20

0 05
(38)

An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.

C R

N

Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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( )
( )C

L I

V V V
L PEAK

c c
=

×

× +

2

2∆ ∆

(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)

ATTEN
V

db
R= × ×







– log
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(38)

An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.

C R

N

Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)

ATTEN
V

db
R= × ×







– log

.
20

0 05
(38)

An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.

C R

N

Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)

ATTEN
V

db
R= × ×







– log

.
20

0 05
(38)

An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.
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N

Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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在 (35b) 式中，C是增设的用于降低振荡频率的电容器。应选

择合适的电阻器阻值，以提供对于振荡的关键性衰减：

由于该RC减振器的时间常数远远小于开关周期但却大大长于

电压上升时间，因此由电阻器耗散的功率取决于电容器中的

存储能量。由于电容器每个周期都进行充电和放电，所以电

阻器必须耗散的功率等于：

在 (37) 式中，C为RC减振器电容值。V = 反射至次级侧并加

入输出电压的漏源电压 + 二极管两端上的压降。该减振器电

路将防止二极管的阳极在低于肖特基器件额定反向电压的电

平上产生振铃。

LC滤波器
输出端上的电压纹波将出现在开关频率条件下，而且必需小

于50mVP-P。为了满足输出噪声规格，在转换器输出端上增

设了一个LC滤波器。未经滤波的纹波VR将等于峰值次级电流

×输出电容器组的ESR。将纹波VR滤波至可接受的水平所需

的衰减量由 (38) 式来决定：

LC滤波器将产生具有－40dB每十倍频斜率的增益曲线。所选

的LC滤波器应具有一个极点，该极点将在开关频率条件下产

生一个最小增益［由 (38) 式得出］。极点频率将出现在：

本设计采用了一个2mH的铁粉磁环和一个33mF的电解电容

器，旨在提供20kHz的极点频率和－8dB的最小增益。
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(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)
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V
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R= × ×
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(38)

An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.

C R

N

Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)
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(38)

An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.
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N

Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
=

× × × +π

(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
+

(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)
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An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.
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Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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(32)

In the above equation, ∆Vc is equal to the accept-
able change of voltage across the capacitor, usu-
ally between 40 and 60V. LL is equal to the leakage
inductance of the transformer. IPEAK is equal to the
peak current in the inductor at the time of turn-off.
V is equal to the DC bias across the capacitor. This
DC bias is a result of the DC path through the re-
sistor and diode and the secondary side voltage
reflected to the primary:

( )V N V VO D= × + (33)

The resistor is selected such that the RC time con-
stant is much longer than the switching period. This
resistor must not only dissipate the energy stored
in the leakage inductance, but also the voltage due
to the DC bias of the capacitor:

( )
P

L I f V
RR

L PEAK sw=
× ×

+
2 2

2

(34)

The resistor used on the demo board must dissi-
pate 2.4W of power. The diode is selected based
upon the charging current of the capacitor.

The secondary side of the converter requires an
RC snubber across the diode (Figure 13) to damp
the high frequency ringing on the 5V bus due to
the parasitic inductance of the transformer and par-
asitic capacitance of the Schottky.

The capacitor is chosen such that, when placed
across the Schottky, the oscillating frequency, fosc,
is reduced by approximately half. The leakage in-
ductance, LSL and parasitic capacitance, Cp can be
determined by simultaneously solving (35a)

f
L Cosc

SL p
=

× × ×
1

2 π
(35a)

( )
f

L C C

osc

SL p
2

1

2
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(35b)

In (35b), C is the capacitor that was added to re-
duce the oscillation frequency. The appropriate
value of the resistor is selected to provide critical
damping to the oscillation:

( )R
L

C C

L

p

=
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(36)

Because the time constant of this RC snubber is
much less than the switching period but much lon-
ger than the voltage rise time, the power dissipated
by the resistor is dependent upon the energy
stored in the capacitor. Since the capacitor charges
and discharges each cycle, the power the resistor
must dissipate is equal to:

P C V fR sw= × ×2 (37)

In (37), C is the RC snubber capacitor value. V is
equal to the drain to source voltage reflected to the
secondary side added to the output voltage plus
the voltage drop across the diode. This snubber cir-
cuit will prevent the anode of the diode from ringing
below the reverse voltage rating of the Schottky de-
vice.

LC FILTER
The voltage ripple on the output will occur at the
switching frequency and is required to be less than
50mV peak to peak. To meet the output noise
specification, an LC filter was added to the con-
verter output. The unfiltered ripple, VR, will be
equal to the peak secondary current multiplied by
the ESR of the output capacitor bank. The amount
of attenuation needed to filter the ripple, VR, to an
acceptable level is determined by (38)
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An LC filter will produce a gain plot with a
–40dB/decade slope. The selected LC filter should
have a pole that results in a minimum gain derived
from (38) at the switching frequency. The pole fre-
quency will occur at:

f
LCpole =

× ×
1

2 π
(39)

This design employs a 2mH iron powder toroid and
a 33mF electrolytic capacitor for a pole frequency
of 20kHz and a minimum gain of –8dB.
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Figure 13. RC snubber on the secondary side
dampens parasitic oscillations.
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EXPERIMENTAL RESULTS
The oscilloscope traces refer to the test points (TP)
indicated and are referenced to the appropriate
ground, either primary or secondary.

In Figure 18, the FB pin is shown in the bottom
trace. Region A is the summation of the current
sense and voltage feedback , at 1V the gate is
turned off, resulting in the drain establishing a volt-
age with respect to the source. Region B results
from the FB pin still sensing the voltage feedback
during the remaining oscillator charge time. Region
C is where the internal 250 on resistance FET is
turned on during the PWM off time, discharging all
external capacitance at that node.

Efficiency measurements performed yielded the
following results.

VIN
(V)

IIN
(A)

PIN
(W)

VOUT
(V)

IOUT
(A)

POUT
(W)

n

31.763 1.830 58.126 5.019 9.211 46.225 0.795

31.954 1.809 57.805 5.014 9.178 46.022 0.796

48.014 1.178 56.560 5.017 9.202 46.168 0.816

48.073 1.172 56.342 5.015 9.185 46.060 0.818

72.038 0.780 56.190 5.015 9.187 46.071 0.820

Figure 14. The UCC3809 gate drive and
oscillator.

Figure 15. Soft start capacitor charging
waveform.

Figure 16. Gate and drain in continuous
conduction mode.

Figure 17. Gate and drain in discontinuous
conduction mode.

TP2
OSCILLATOR
AT C5-R3-R4

NODE

TP5
DRAIN

VOLTAGE

TP1
FB PIN

A
B

C

Figure 18. The FB pin in continuous conduction
mode.

实验结果
示波器描迹针对标明的测试点 (TP) 并参考于适当的地

（初级或次级）。

图14：UCC3809栅极驱动和振荡器

图15：软起动电容器充电波形

图16：连续导通模式中的栅极和漏极

图17：不连续导通模式中的栅极和漏极

图18：连续导通模式中的FB引脚

在图18中，最下方的描迹显示的是FB引脚。A区域是电流检

测与电压反馈的总和。在1V时，栅极被关断，导致漏极确定

了一个相对于源极的电压。由FB引脚产生的B区域在剩余的振

荡器充电时间里仍然检测电压反馈。在C区域中，接通电阻为

250Ω的内部FET在PWM关断期间被接通，从而对位于该节点

上的所有外部电容进行放电。

所进行的效率测量给出了以下结果。
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EXPERIMENTAL RESULTS
The oscilloscope traces refer to the test points (TP)
indicated and are referenced to the appropriate
ground, either primary or secondary.

In Figure 18, the FB pin is shown in the bottom
trace. Region A is the summation of the current
sense and voltage feedback , at 1V the gate is
turned off, resulting in the drain establishing a volt-
age with respect to the source. Region B results
from the FB pin still sensing the voltage feedback
during the remaining oscillator charge time. Region
C is where the internal 250 on resistance FET is
turned on during the PWM off time, discharging all
external capacitance at that node.

Efficiency measurements performed yielded the
following results.

VIN
(V)

IIN
(A)

PIN
(W)

VOUT
(V)

IOUT
(A)

POUT
(W)

n

31.763 1.830 58.126 5.019 9.211 46.225 0.795

31.954 1.809 57.805 5.014 9.178 46.022 0.796

48.014 1.178 56.560 5.017 9.202 46.168 0.816

48.073 1.172 56.342 5.015 9.185 46.060 0.818

72.038 0.780 56.190 5.015 9.187 46.071 0.820

Figure 14. The UCC3809 gate drive and
oscillator.

Figure 15. Soft start capacitor charging
waveform.

Figure 16. Gate and drain in continuous
conduction mode.

Figure 17. Gate and drain in discontinuous
conduction mode.

TP2
OSCILLATOR
AT C5-R3-R4

NODE

TP5
DRAIN

VOLTAGE

TP1
FB PIN

A
B

C

Figure 18. The FB pin in continuous conduction
mode.
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ALTERNATE OUTPUT VOLTAGES
A user may require an output voltage different from
the 5V discussed thus far. By working through this
design review and substituting the required output
voltage level, new peak currents and maximum
duty cycles can be determined. These changes will
be reflected in the selection of appropriate compo-
nents such as the MOSFET, sense resistor, diode,
and output capacitors. The transformer would be
redesigned for the optimum turns ratio, wire sizes,
and core requirements for the given design.

Reference
Designator

Description Manufacturer Part Number

C1, C2 150mF, 80V, Aluminum Capacitor United Chemi-Con SXE80VB151M12X20LL

C3 1µF, 100V, Ceramic Capacitor KEMET C340C105K1R5CA

C4, C22 0.01µF, 50V, Ceramic Capacitor

C5 1nF, 50V, Ceramic Capacitor

C6 330pF, 50V, Ceramic Capacitor

C7 0.47µF, 50V, Ceramic Capacitor

C8 1µF, 50V, Ceramic Capacitor

C9, C12 0.1µF, 50V, Ceramic Capacitor

C10 0.22µF, 100V, Ceramic Capacitor KEMET C330C224K1R5CA

C11 1µF, 35V, Tantalum Capacitor

C14 0.22µF, 50V, Ceramic Capacitor

C15 0.015µF, 50V, Ceramic Capacitor

C16, C17, C18, C19 330µF, 6.3V, Aluminum Capacitors SANYO OSCON 6SH330M

C20 33µF, 10V, Tantalum Capacitor

C21 47µF, 25V, Aluminum Electrolytic Panasonic ECE-A1AFS470

C23 6800pF, 50V, Ceramic Capacitor

D1 ZENER, 5.1V 1N5231

D2 ZENER, 15V 1N5245

D3 2A, 200V, Ultra Fast SF24

D4 ZENER, 10V 1N5240

D5 1A Schottky 1N5819

L1 2.5 H, 11A Coiltronics, Inc. CTX08-14017

Q1, Q4 small signal NPN MPS2222A

Q2 small signal PNP MPS2907A

Q3 200V, 18A, N-Channel MOSFET Motorola or IR IRF640

R1 5.1K, ¼W, 5%

R2, R13 1.1K, ¼W, 5%

R3 12.1K, ¼W, 5%

R4 6.19K, ¼W, 5%

R5 470, ¼W, 5%

Table 1. Bill of Materials.

OUTPUT
RIPPLE

Figure 19. Output voltage ripple waveform.图19：输出电压纹波波形

交流输出电压
用户可能需要一个不同于我们迄今所讨论的5V的输出电压。

通过完整阅读本设计评述，并替换所需的输出电压电平，即

可确定新的峰值电流和最大占空比。这些变化将反映在诸如

MOSFET、检测电阻器、二极管和输出电容器等合适元件的

选择当中。对于给定的设计，将需要针对最佳的匝数比、导

线尺寸和磁芯要求来重新设计变压器。

表1：材料清单
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Reference
Designator

Description Manufacturer Part Number

R6 1.0K, ¼W, 5%

R7 15K, ¼W, 5%

R8 0.15, 3W, 5% RCD RSF2B0.15 ohm 5%

R9 2K, 3W, 5% RCD RSF2B2K ohm 5%

R10 10, ¼W, 5%

R11 680, ¼W, 5%

R12 27K, ¼W, 5%

R14 750, ¼W, 5%

R16, R17 12.1K, ¼W, 1%

R18 3.01K, ¼W, 5%

R19 5.1, 3W, 5% RCD RSF2B5.1 ohm 5%

R20 5.62K, ¼W, 5%

R21 475, ¼W, 1%

T1 80µH, N = 5 Coiltronics, Inc. CTX08-13916

U1 PWM Controller Unitrode UCC3809

U2 25A, 35V Power Schottky Rectifier Motorola MBR2535CTL

U3 Optocoupler Motorola H11AV1

U4 Error Amplifier, Reference Unitrode UC3965

Heatsink For TO-220 AAVID 529802 B 0 25 00

SUMMARY
The UCC3809/UC3965 design is an example of a 50
Watt continuous current mode flyback converter that
includes features such as a duty cycle clamp, slope
compensation, input to output isolation, and primary
and secondary snubbers, just to name a few. A de-
tailed step by step approach is given for power stage
component selection, transformer design, loop com-
pensation, and component power dissipation calcu-
lations. The features of the UCC3809 offer design
flexibility for a wide range of applications in simple to
use 8-pin packages.

REFERENCES
[1] Abraham I. Pressman, Switching Power Supply De-

sign, McGraw-Hill, Inc., 1991.

[2] Lloyd H. Dixon, Jr., Filter Inductor and Flyback
Transformer Design for Switching Power Supplies,
Unitrode Power Supply Design Seminar Manual
SEM-1100, 1996.

[3] Bill Andreycak, Practical Considerations in High
Performance MOSFET, IGBT and MCT Gate Drive
Circuits, Unitrode Application Note U-137, Unitrode
Applications Handbook IC# 1051, 1997.

[4] Bill Andreycak, Practical Considerations in Current
Mode Power Supplies, Unitrode Application Note
U-111, Unitrode Applications Handbook IC# 1051,
1997.

[5] Lloyd H. Dixon, Jr., Control Loop Cookbook,
Unitrode Power Supply Design Seminar Manual
SEM-1100, 1996.

[6] Lloyd H. Dixon, Jr., Closing the Feedback Loop,
Unitrode Power Supply Design Seminar Manual
SEM-700, 1990.

[7] Philip C. Todd, Snubber Circuits: Theory, Design,
and Application, Unitrode Power Supply Design
Seminar Manual SEM-900, 1993.

UNITRODE CORPORATION
7 CONTINENTAL BLVD. • MERRIMACK, NH 03054
TEL. (603) 424-2410 • FAX (603) 424-3460

总结
UCC3809/UC3965设计是一个50W连续电流模式反激式转换

器实例，其特点众多，诸如占空比箝位、斜率补偿、输入－

输出隔离以及初级和次级减振器等只是其中的一部分。对于

功率级元件选择、变压器设计、环路补偿和元件功耗计算，

本文给出了详细的逐步推进法。UCC3809采用了易于使用

的8引脚封装，其诸多的特点为广泛的应用提供了设计灵活

性。
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